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Abstract

Modern mobile communication devices offer a variety of data intensive services like
video telephony or multimedia streaming. To support the high data rates needed for
these services, the 3rd Generation Partnership Project (3GPP) introduced Long Term
Evolution-Advanced (LTE-A) which includes the carrier aggregation (CA) feature. With
CA, multiple parts of the spectrum which are scattered across the frequency bands may
be aggregated to increase the data throughput. LTE-A supports the frequency division
duplex (FDD) operation for simultaneous transmission and reception in over 40 fre-
quency bands. For each operating band a separate band-pass filter (duplexer) is needed
to provide isolation between the transmitters and the receivers which is a driving cost
factor within the analog front-end of the transceiver. Consequently, in cost effective
front-ends duplexers with reduced isolation are used. The resulting transmitter leakage
signal into the CA receivers in combination with front-end non-idealities leads to a re-
ceiver desensitization.

In this dissertation three major contributions are provided. As a first step, the transmitter
leakage (TxL) signal caused receiver interferences are modeled in the radio frequency
(RF) domain and the resulting baseband (BB) equivalent receiver interferences are de-
termined. This includes the modeling of the modulated spur-, and the second-order
intermodulation distortion (IMD2) interference. The down-conversion of the TxL signal
by spurs creates the modulated spur interference which may consist of a main and an
image component. The second-order nonlinearity of the mixer creates an IMD2 interfer-
ence which always falls around the zero-frequency. In case of direct-conversion receiver
architectures, this leads to a BB interference which disturbs the wanted receive signal.
Furthermore, the 25% duty-cycle current driven passive mixer which is preferably used in
direct-conversion receivers is modeled. Due to the square-wave control signals, harmon-
ics are produced within the mixer which may lead to the down-conversion of unwanted
spectral components into the receiver BB. This down-conversion by the harmonic re-
sponse of the mixer may degrade the receiver performance.

In a second step, the BB equivalent interference models are used to derive dedicated
adaptive filters to cancel the TxL signal caused self-interferences in the digital BB of the
transceiver. This dissertation provides solutions to cancel the modulated spur-, and the
IMD2 interference by adaptive filtering. Simulation results show that a widely-linear
adaptive filter structure is able to cancel the main-, and image modulated spur inter-
ference. A major part of this thesis investigates solutions for the digital cancellation
of the IMD2 interference. Nonlinear Wiener model least-mean-squares (LMS)-, and
recursive-least-squares (RLS) based adaptive filters are developed which outperform the
traditional Volterra kernel based adaptive filters in terms of performance and complex-
ity. The functionality of the proposed nonlinear adaptive filters is demonstrated using
simulated and measured IMD2 data.



The third contribution is the development of a harmonic rejection mixer concept for the
25% duty-cycle current driven passive mixer. With this approach, the down-conversion
of blocker signals by the harmonic response of the mixer can be suppressed. Circuit
simulations using a 28 nm technology package show a superior suppression of the mixer
harmonic response.



Kurzfassung

Moderne mobile Kommunikationssysteme ermédglichen eine Vielzahl datenintensiver
Anwendungen wie etwa die Videotelefonie oder das Streamen von Multimedia-Inhalten.
Um die fiir diese Anwendungen erforderlichen Datenraten bereitzustellen wurde vom
Standardisierungsgremium 3GPP der LTE-A Standard eingefiihrt welcher u.a. das soge-
nannte Carrier Aggregation (CA) ermdglicht. Mit Hilfe von CA kénnen mehrere verteilte
Anteile des Kommunikationsspektrums vereint werden um eine hdhere Datenrate zu
erreichen. LTE-A unterstiitzt das Frequenzmultiplexverfahren welches das simultane
Senden und Empfangen von Daten in iiber 40 Frequenzbandern erméglicht. Fiir jedes
Frequenzband wird ein separates Bandpassfilter zur Isolation zwischen den Sendern und
den Empfangern benétigt was ein treibender Kostenfaktor fiir das analoge Front-End ist.
Somit werden in kosteneffizienten Front-Ends Bandpassfilter mit reduzierter Dampfung
eingesetzt um die Kosten zu senken. Daraus resultierend ergibt sich ein Lecksignal vom
Sender in jeden einzelnen CA Empfanger welches in Kombination mit Nichtidealitdten
des Front-Ends zu einer Desensibilisierung der Empfanger fiihrt.

Diese Dissertation liefert drei wesentliche Beitrdge. Der erste Beitrag besteht aus der
Modellierung der Stérungen im Empféanger welche durch das Lecksignal und die Front-
End Nichtidealitaten erzeugt werden. Dabei wird ausgehend von den Nichtidealitaten
im Hochfrequenzbereich ein Basisband-aquivalentes Modell der Storungen hergeleitet.
Zu den modellierten Storungen zahlen u.a. die Modulated Spur Interferenz und Inter-
modulationsprodukte zweiter Ordnung. Die Modulated Spur Interferenz wird erzeugt
indem das Lecksignal des Senders durch sogenannte Spurs in das Empfinger Basis-
band heruntergemischt wird. Hierbei kommt es aufgrund der 1QQ Imbalance der Spurs
neben der Haupt-Interferenz auch zu einer zuséatzlichen Bild-Interferenz. Die Nicht-
linearitat zweiter Ordnung des Mischers erzeugt ein Intermodulationsprodukt welches
immer um die Null-Frequenz féllt. Bei Verwendung eines Homodynempfangers fiihrt
dies zu einer Storung des gewilinschten Empfangssignals. Auch der in der Stromdoméne
betriebene Mischer, der mit Rechtecksignalen und dem Tastverhéltnis von 25% arbeitet
und vorzugsweise in Homodynempfangern zum Einsatz kommt, wird modelliert. Durch
die verwendeten Rechtecksignale, die zur Ansteuerung des Mischers verwendet werden,
entstehen Harmonische welche unerwiinschte Signalkomponenten ins Basisband mischen
und somit die Empfangerempfindlichkeit reduzieren.

Im zweiten Beitrag werden die Basisband-aquivalenten Modelle der Storungen zur Her-
leitung dedizierter adaptiver Filter verwendet mit deren Hilfe die Storungen vom Emp-
fangssignal herausgerechnet werden konnen. In dieser Dissertation werden adaptive
Filter zur Unterdriickung der Modulated Spur Interferenz und von Intermodulation-
sprodukten zweiter Ordnung entwickelt. In Simulationen wird gezeigt, dass durch eine
Erweiterung des adaptiven Filters beide Storkomponenten der Modulated Spur Inter-
ferenz unterdriickt werden konnen. Ein grofier Teil der Arbeit behandelt Methoden zur
Unterdriickung von Intermodulationsprodukten zweiter Ordnung durch adaptive Fil-
terung im Basisband des Transceivers. Hierfiir wurden zwei nichtlineare Algorithmen
entwickelt die auf dem LMS-, und dem RLS Algorithmus basieren. Diese Algorithmen
verwenden das nichtlineare Wiener Modell, und sind in der Lage traditionelle Algorith-
men, die auf dem Volterra Modell basieren in Bezug auf Konvergenzgeschwindigkeit
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und geringerer Komplexitat zu tibertreffen. Die Funktion der entwickelten nichtlinearen
adaptiven Algorithmen wurde mit Hilfe von Simulations-, und Messdaten evaluiert.

Im dritten Beitrag wird ein Konzept zur Unterdriickung von Harmonischen in Mischern,
welche nach dem 25% Tastverhéltnis arbeiten, prasentiert. Damit kann das Herun-
termischen von unerwiinschten Storsignalen durch die Harmonischen des Mischer un-
terdriickt werden. Das Konzept wird durch Schaltungssimulationen die ein 28 nm Tech-
nologiepaket einbinden verifiziert, wobei eine sehr gute Unterdriickung der Harmonischen
nachgewiesen werden kann.
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Introduction

1.1 Mobile Communication Devices

Modern mobile communication devices such as smartphones are enabling multiple ser-
vices for the consumer. Starting from global positioning for navigation purposes, video
streaming, internet browsing, fitness tracking and social networks, the smartphone be-
comes a device which is indispensable. However, the use of smartphones for traditional
voice calls and text messages is faded into the background. This variety of services,
especially the data intensive ones as multimedia streaming and video-telephony led to
an enormous increase of data traffic. To satisfy this need for higher data rates Long
Term Evolution-Advanced (LTE-A) was introduced in the 3rd Generation Partnership
Project (3GPP) Release 10 [1], which offers the carrier aggregation (CA) feature. This
enables the aggregation of multiple parts of the spectrum (component carriers (CC)) to
increase the effective data rate. This CCs may be scattered across the spectrum due to
the fact that the available bandwidth was distributed by auctions between the mobile
operators. Therefore, to offer the CA feature to the customers the mobile device has
to be prepared to receive/transmit data from a scattered spectral environment. LTE-A
supports the frequency division duplex (FDD) operation for simultaneous transmission
and reception of data at different frequencies. To increase the data rate the FDD oper-
ation is combined with the CA feature. Also the time-division duplex (TDD) mode is
supported where data is transmitted or received alternately at the same frequency.

Today’s mobile devices such as smartphones or tablets consist of several subsystems
like the application processor, an audio subsystem (speaker, microphone), the video
subsystem (LCD display, touchscreen), the power management subsystem to gener-
ate the different operating voltages of the subsystems from one battery source, and
the connectivity subsystem (Fig. 1.1). The connectivity subsystem provides wireless
communication including WiFi, Bluetooth, cellular networks and near field communi-
cation (NFC), and the included Global Positioning System (GPS) receiver serves for
positioning applications. The cellular subsystem is used for the mobile communica-
tion including the LTE-A, the Global System for Mobile Communications (GSM) and
the Universal Mobile Telecommunication System (UMTS) standards. It consists of the
antenna(s), duplexer(s), power amplifiers (PAs), the radio frequency (RF) transceiver
chip, and the digital baseband (BB). The digital front-end (DFE) as part of the RF
transceiver chip connects the analog front-end with the digital BB where user data is
exchanged between the end-application and the transceiver device.

Mobile devices for LTE-A should support the TDD and FDD mode including CA, and
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Figure 1.1: Block diagram of a typical mobile device.

the operation in multiple frequency bands to access the scattered spectrum. But restric-
tions like power consumption and costs are driving design parameters for the transceiver
chip architecture. The transceiver contains the transmitter(s) and the receiver(s), and
therefore enables the exchange of data between the base-stations and the mobile device.
The direct-conversion receiver architecture (also known as zero-intermediate frequency
(IF)-, or homodyne receiver) [2] is mainly used in modern transceivers due to the lower
power consumption and the lower hardware complexity compared to e.g. low-IF re-
ceivers. In this architecture, the wanted receive (Rx) signal is directly down-converted
from the RF to the BB (zero-frequency). In this way the required sampling frequency to
digitize the signal is kept at the minimum which saves power. Also for the transmitters
direct conversion architectures are frequently used.

1.2 Functionality of an FDD CA Transceiver

The FDD operation mode which is used in Long Term Evolution (LTE) has the advan-
tage that data can be simultaneously transmitted and received at different frequencies
over one common antenna. This is enabled by the frequency-selectivity of the analog
front-end (duplexers). In Fig. 1.1 an RF transceiver with two CA receivers and one
transmitter is depicted. The operating frequency frxy of receiver Rx1 (primary re-
ceiver) is related to the transmitter operating frequency fry via the duplexing distance.
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Figure 1.2: Different types of CA.

As an example, if LTE band 5 is used with fry = 831 MHz, then fry; = 876 MHz
which corresponds to the duplexing distance of 45 MHz. Usually in mobile user equip-
ments (UEs) the transmit (Tx) frequency is lower than the Rx frequency because the
generation of a transmit signal at a lower frequency consumes less power. The operating
frequency of the secondary receiver Rx2 (in LTE-A up to five secondary receivers may
be aggregated using CA) is not coupled to the primary transmit frequency and may
be located at any different frequency depending on the intra/inter-band CA combina-
tion [3]. In LTE-A three types of CA are defined which are visualized in Fig. 1.2. In
the first CA scenario, the intra-band contiguous CA, the aggregated CCs are next to
each other and within the same LTE band. Both aggregated CCs may be received by
one receiver if the receive center-frequency is set between the CCs and the sampling
frequency is increased according to the overall bandwidth. The second CA scenario
is the intra-band non-contiguous CA where the aggregated CCs are within the same
LTE band but separated by a frequency gap. In this scenario, usually a split-low noise
amplifier (LNA) configuration is used where each receiver is configured to receive one
CC. As we will see later, this configuration using a split-LNA is prone to transmitter
leakage self-interference (modulated-spur interference in split-LNA configuration) due
to the limited Tx-to-Rx (duplexer) isolation. In the third CA scenario, the inter-band
CA, the CCs are in different LTE bands. In this case each receiver uses its own LNA
(no split-LNA is used) to amplify the received signal as depicted in Fig. 1.1. Also in
this configuration the mentioned modulated-spur interference may occur. However, it is
caused by a different mechanism as will be described in the next sections.

Using Fig. 1.3, the functionality of an LTE-A transceiver operating in the FDD mode and
using the CA feature will be explained. The complex valued discrete-time transmit signal
xpp[n| is converted into the analog domain using a digital-to-analog converter (DAC).
Subsequently, the signal is up-converted to the frequency frx and amplified by the PA.
The duplexer connects the transmitter and the CA receivers to the common antenna.
The duplexer is a device composed of band-pass filters which provide isolation between
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Figure 1.3: The transmitter leakage signal into the own receivers.

the Tx and Rx paths. Thereby, the duplexer passes the transmit signal to the antenna
where it is radiated to the base-station. At the same time signals at the frequencies
frx1 and frxo are received by the antenna and fed by the duplexer to the corresponding
receivers. RF switches are used to select the appropriate duplexer depending on the
frequency band. The received signals are amplified by the LNAs, and assuming direct-
conversion receivers, the wanted receive signals are down-converted to the BB. This BB
signals are then digitized by the analog-to-digital converters (ADCs), and filtered by the
channel-select filters (CSFs). As indicated in Fig. 1.1, the DFE provides the connection
to the digital BB where the received data streams are demodulated, and the Tx data is
modulated for the transmission, respectively.

1.3 Transmitter Leakage Induced Self-Interferences

Due to the limited duplexer isolation between the transmitter and the receivers which
is in the range of 50dB to 55dB [4, 5], a transmitter leakage (TxL) signal occurs in the
receivers which may be stronger than the actual receive signal. Assuming a transmitter
power of 23dBm at the antenna', and an average Tx-to-Rx duplexer isolation of 50 dB
around the transmit frequency, the TxL signal power at the input of the receiver is
PRTI%‘L = 23dBm — 50dB = —27dBm. On the other hand, in so called reference sensitiv-
ity cases (where the mobile equipment is far away from the base-station), the wanted
signal power at the antenna can be as low as -97 dBm [3], which is 70 dB below the TxL
signal power. In an ideal transceiver this would not be an issue due to the fact that

LAt the PA output the Tx power may be even higher due to the switch-, and duplexer insertion losses.
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the signals are located at different frequencies. However, because of non-idealities in the
analog front-end this TxL signal can create a BB interference which disturbs the wanted
receive signal significantly.

The TxL signal is the root cause of several receiver interferences which degrade the re-
ceiver performance. The actual type of receiver interference depends on the transceiver
operating conditions, e.g., enabled Rx/Tx CA. The following section gives an overview
about the different types of interferences. A detailed explanation of each interference
follows in Section 2.1.

Non-CA related Interferences:

e Second-Order Intermodulation Distortion (IMD2) Interference
The leaking transmitter signal may cause a second-order intermodulation distor-
tion (IMD2) interference in direct-conversion receivers [6], [7]. This second-order
nonlinear distortion always falls around zero-frequency and is caused by e.g. a
coupling between the RF- and local oscillator (LO)-ports in the in-phase (I)-, and
quadrature-phase (Q)-path of the Rx IQ-mixer [8].

e Tx Noise in Rx Band
The TxL signal may have a spectral emission (skirt) due to the nonlinearity of the
PA which may reach up to the Rx frequency range. As a consequence, this Tx
noise spectral content may overlay the wanted receive signal leading to a receive
signal degradation.

e Reciprocal Mixing
Reciprocal mixing means that a blocker? signal (e.g. the TxL signal) is down-
converted into the BB due to the LO phase noise (PN) where it degrades the
wanted signal quality.

Receiver CA related interferences:

e Continuous-Wave Spur
Continuous-Wave Spurs may be generated by device nonlinearities and coupling
between the receive mixer harmonics of the square-wave mixers. Such a continuous
wave (CW)-spur (cosine-like signal) may be down-converted by the Rx mixer and
may occur as spectral peak in the receive spectrum.

e Modulated Spur Interference in Inter-Band CA
Due to multiple clock sources, which are needed to cover the different CA scenarios
and band combinations, cross-talk between the LO lines of the receivers on the chip
together with device nonlinearities may create spurs in the receiver front-end. If
the frequency of such a spur falls near the actual Tx frequency, the TxL signal may
be down-converted into the Rx BB. This so called modulated spur interference
can disturb the wanted receive signal significantly [9, 10].

2A blocker signal is an unwanted signal at the input of the receiver which is either received by the
antenna or created by the own transmitter leakage.
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e Modulated Spur Interference in Intra-Band CA with Split-LINA
In intra-band CA where a split-LNA is used, the TxL signal may be mixed by the
harmonics of the mixer in the first CA receiver. This mixed TxL signal is reflected
back to the input of the split-LNA where it reaches the input of the secondary
receiver. The harmonics of the mixer in the secondary receiver may down-convert
the reflected signal to the BB where it disturbs the wanted signal.

e Tx Harmonics in Downlink
The potentially leaking transmitter harmonic distortions caused by the nonlinear
PA may overlap the wanted receive signal of the secondary CA receiver which is
not coupled to the primary transmit frequency [11].

e Tx Harmonics in Downlink Harmonic Response
Due to the square-wave mixer implementation in the receiver, leaking transmitter
harmonic distortions caused by the nonlinearity in the transmitter may be down-
converted to the BB by the harmonics of the mixer.

Transmitter CA related Interferences:

e Multiple Modulated Spurs
Each transmitter causes its own TxL signal which may cause multiple modulated
spurs.

e Multiple Tx Harmonics in Downlink/Downlink Harmonic Response
The harmonics of each transmitter may fall on top of the wanted Rx signal or may
be down-converted into the BB by the mixer harmonics.

e Intermodulation Distortions
When several transmitters are operated in parallel, each transmitter may create
an IMD2 interference in the receiver(s). If the transmit signal is either created in
an intra-band non-contiguous CA, or an inter-band CA scenario, nonlinearities in
the analog front-end may create a third-order intermodulation distortion (IMD3)
which interferes with the wanted receive signal.

The severity of the TxL signal caused interferences could be reduced by increasing the
duplexer isolation. However, besides the increasing costs, improving the Tx-to-Rx isola-
tion of the duplexer would lead to a higher insertion loss of the wanted receive signal and
thereby to a reduction of the Rx signal quality. Therefore, instead of using improved du-
plexers, efficient ways to cancel the transmitter induced self-interferences are of special
interest.

1.4 State of the Art

In the existing literature several approaches are discussed to mitigate the TxL signal
and PA spurious emission caused receiver desensitization. A natural approach would
be to cancel the transmitter leakage signal in the RF domain before it enters the in-
put of the LNA or mixer. This would significantly reduce the generation of nonlinear
distortions due to receiver RF front-end nonlinearities. The authors in [12] propose an
RF cancellation architecture using an auxiliary transmitter to generate a Tx leakage
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signal replica (including nonlinear PA distortions) in the RF domain which is subtracted
from the received signal before it enters the LNA. The replica signal is generated by
an nonlinear adaptive decorrelation-based learning algorithm which uses the known Tx
samples and the received signal in the digital BB. With this approach, the authors are
able to increase the effective Tx-to-Rx isolation by 54 dB.

A different way to suppress the leakage signal may be achieved by using N-path fil-
ters which act as a notch filter at the transmit frequency. In [5, 13] and [14], such
N-path filters are placed in front of the mixer input to reject the TxL signal.

To limit the computational complexity of a pure digital modulated spur interference
cancellation, the authors in [15] use an auxiliary receiver to sense the TxL signal at the
receiver input which is subsequently used as a reference signal for a digital cancellation
algorithm. With this mixed-signal approach, the auxiliary receiver senses the Tx signal
including nearby out-of-band (OOB) emissions after it passed the duplexer Tx-to-Rx
stop-band. This means, the duplexer stop-band frequency response including the Tx
OOB emissions are already included in the sensed TxL signal and do not need to be
estimated by the digital algorithm. This heavily reduces the complexity of the digital
part of the cancellation approach. The same auxiliary receiver could also be used to
sense spurious emissions of the transmitter which desensitize the receiver. However,
nonlinearities of the receiver are not covered and need to be estimated by the digital
cancellation algorithm. Using an auxiliary receiver with a serial-mixing concept to can-
cel the modulated spur interference [9], [10] including the PN of the involved transmitter
and receiver LOs is presented in [16].

An IMD?2 interference in the receiver may also be generated by external blocker sig-
nals received by the antenna. The author in [17, 18], extracts the blocker signal after
the Rx mixer by a high-pass filter. The squared envelope of this signal is then used as a
reference for the subsequent adaptive filter which cancels the generated IMD2 interfer-
ence.

Although, analog and mixed signal cancellation techniques offer good cancellation results
as stated in [12], [15], [16], their additional hardware effort is not negligible. Especially
in CA, where multiple receiver chains are operated in parallel, each receiver (possibly
including the diversity receivers) requires its own auxiliary transmitter (RF cancella-
tion)/receiver (mixed signal cancellation) because of the different duplexer stop-band
responses seen from the Tx to each receiver. A big challenge in designing analog or
mixed-signal cancellation circuits is to limit the degradation of the wanted receive signal
by connecting the auxiliary receiver [15], or transmitter [12] to the main receiver. Beside
this, pure digital approaches offer technology independence and scalability and do not
need any changes of the analog front-end circuit. However, the computational burden
in the digital BB is increased.

Several fully digital techniques to cancel Tx-induced self-interferences can be found in
the existing literature. The authors in [19] present the modeling and digital mitigation
of transmitter self-interference in the presence of transmitter and receiver nonlinearities.
In [20], the digital suppression of the nonlinear PA OOB emission (Tx noise in Rx band)
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which reaches up to the Rx band in case of low duplexing distances is presented. The
nonlinearity of the PA induces also spurious distortions (Tx harmonics) which may de-
grade one of the CA receivers. The digital cancellation of such distortions in the presence
of transmitter IQ-imbalance is suggested in [11].

There is also existing literature for the pure digital cancellation of the transmitter in-
duced IMD?2 interference in direct-conversion receivers. In [21] a frequency flat duplexer
stop-band in the region of the leaked Tx signal is assumed. The IMD?2 interference is es-
timated adaptively by a least-mean-squares (LMS) filter where only the coefficient with
largest magnitude is used for the cancellation. Similar assumptions are made in [22].
However, the assumption of a frequency-flat duplexer response is not valid for LTE-A
signals due to the wider bandwidth. In [23] a Volterra kernel based least-squares (LS)
approach for frequency-selective duplexers is introduced. The CSF in the receiver is
equalized to obtain the unfiltered IMD?2 interference with twice the Tx signal bandwidth
for the IMD2 LS estimation. Finally the authors in [6] present a compensation of the
IMD2 interference in the presence of a static 3rd-order PA nonlinearity and Tx mixer
IQ-imbalance. The estimation process consists of a two-step LS approach which has a
high computational complexity. Further, [21] and [22] are assuming equal IMD2 inter-
ferences in the I- and Q-branch of the Rx mixer, whereas in [23] they are assumed to be
different.

1.5 Scope of this Work

Although, the existing literature provides solutions for pure digital cancellation of TxL
signal caused receiver interferences, the computational complexity of most solutions is
far too high to be implemented in a real mobile transceiver. Additionally, no literature
regarding the pure digital cancellation of the modulated spur interference was available
at the time when this PhD work has started. The goal of this thesis is the development
of specialized low-complexity adaptive filter algorithms which could be implemented in
today’s transceivers. Motivated by this, and by using the detailed interference models
which are derived in this thesis, low-complexity adaptive algorithms for a pure digital
cancellation of the modulated spur-, and the IMD2 interference are proposed.

This thesis resulted in the following achievements:

e The derivation of a detailed baseband equivalent model of the modulated-spur-,
Tx-harmonics-, IMD2-, and third-order nonlinear interferences.

e The development of a normalized widely-linear variable step-size LMS adaptive
filter to cancel the main and image modulated spur interference in the digital BB
of the CA transceiver.

e The development of a low-complexity nonlinear LMS-type adaptive filter to cancel
the IMD2 interference generated by a Tx signal which traveled through a highly
frequency-selective Tx-to-Rx leakage path.

e The development of a robust nonlinear recursive-least-squares (RLS)-type adaptive
filter for the IMD2 cancellation which is suitable for highly frequency-selective
duplexer stop-band responses and clustered-transmit signals.
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e The development of a harmonic rejection (HR) mixer concept to suppress specific
harmonics in 25% duty-cycle mixers. With this approach, the down-conversion of
blocker signals by the harmonics of the mixer can be suppressed.

During the work on this thesis the following scientific contributions have been published
in peer reviewed conference proceedings and journals or have been filed as patents. Some
ideas and figures presented in this thesis previously appeared in these publications and
patents:

Journal Publications

e A. Gebhard, O. Lang, M. Lunglmayr, C. Motz, R. S. Kanumalli, C. Auer, T.
Paireder, M. Wagner, H. Pretl and M. Huemer, ” A Robust Nonlinear RLS Type
Adaptive Filter for Second-Order-Intermodulation Distortion Cancellation in FDD
LTE and 5G Direct Conversion Transceivers,” In IEEE Transactions on Microwave
Theory and Techniques, 16 pages, Early Access, January 2019.

e S. Sadjina, R. S. Kanumalli, A. Gebhard, K. Dufrene, M. Huemer and H. Pretl,
” A Mixed-Signal Circuit Technique for Cancellation of Interferers Modulated by
LO Phase-Noise in 4G/5G CA Transceivers,” In IEEE Transactions on Circuits
and Systems — I Regular Papers, Vol. 65, No. 11, pp. 3745-3755, Nov 2018.

e R. S. Kanumalli, T. Buckel, C. Preissl, P. Preyler, A. Gebhard, C. Motz, J.
Markovic, D. Hamidovic, E. Hager, H. Pretl, A. Springer and M. Huemer, ” Digitally-
intensive Transceivers for Future Mobile Communications - Emerging Trends and
Challenges,” In eéi Elektrotechnik und Informationstechnik, Vol. 135, No. 1, pp.
30-39, January 2018.

Conference Publications

e A. Gebhard and C. Motz and R. S. Kanumalli and H. Pretl and M. Huemer, ”Non-
linear Least-Mean-Squares Type Algorithm for Second-Order Interference Can-
cellation in LTE-A RF Transceivers,” In Proceedings of the 51st IEEE Asilomar
Conference on Signals, Systems, and Computers, Oct 2017, pp. 802-807.

e A. Gebhard, M. Lunglmayr and M. Huemer, ”Investigations on Sparse System
Identification with lg-LMS, Zero-Attracting LMS and Linearized Bregman Itera-
tions,” In Proceedings of the 16th International Conference on Computer Aided
System Theory - EUROCAST, February 2018.

e A. Gebhard and R. S. Kanumalli and B. Neurauter and M. Huemer, ” Adaptive Self-
Interference Cancellation in LTE-A Carrier Aggregation FDD Direct-Conversion
Transceivers,” In Proceedings of the IEEE Sensor Array and Multichannel Signal
Processing Workshop (SAM 2016), July 2016, 5 pages.

e R. S. Kanumalli, A. Gebhard, A. Elmaghraby, A. Mayer, D. Schwartz and M.
Huemer, ”Active Digital Cancellation of Transmitter Induced Modulated Spur
Interference in 4G LTE Carrier Aggregation Transceivers,” In Proceedings of the
83rd IEEE Vehicular Technology Conference (VTC Spring), May 2016, 5 pages.
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Scientific Talks

e A. Gebhard, ”All Digital Interference Cancellation Architectures for RF Trans-

ceivers,” Evaluation of the Christian Doppler Laboratory for Digitally Assisted RF
Transceivers for Future Mobile Communications, Johannes Kepler University, Linz,
Austria, November 2018.

A. Gebhard, ”Investigations on Sparse System Identification with 19-LMS, Zero-
Attracting LMS and Linearized Bregman Iterations”, International Conference on
Computer Aided Systems Theory (EUROCAST 2017), Las Palmas, Gran Canaria,
February 2017.

A. Gebhard, ”Adaptive Self-Interference Cancelation in LTE-A Carrier Aggre-
gation FDD Direct-Conversion Transceivers”, 62. Fachgruppentreffen der ITG
Fachgruppe ”Algorithmen fur die Signalverarbeitung”, Johannes Kepler University,
Linz, Austria, October 2016.

A. Gebhard, ”Adaptive Self-Interference Cancelation in LTE-A Carrier Aggrega-
tion FDD Direct-Conversion Transceivers”, IEEE Sensor Array and Multichannel
Signal Processing Workshop (SAM 2016), Rio de Janeiro, Brazil, July 2016.

A. Gebhard, ”Self-Interference Cancellation in LTE Carrier Aggregation Trans-
ceivers” PhD-Day at DMCE/Intel Austria, Linz, Austria, May 2016.

Poster Presentations

A. Gebhard, ”Nonlinear Least-Mean-Squares Type Algorithm for Second-Order
Interference Cancellation in LTE-A RF Transceivers”, ASILOMAR Conference on
Signals, Systems, and Computers, Pacific Grove, USA, October 2017.

A. Gebhard, ”Modulated Spurs in LTE-A Carrier Aggregation Transceivers”, Mi-
croelectronic Systems Symposium (MESS16), Vienna, Austria, April 2016.

Patents / Patent Applications
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A. Gebhard, S. Sadjina, K. Dufrene and S. Tertinek, ”Harmonic Suppressing Lo-
cal Oscillator Signal Generation,” U.S. Patent US 9,935,722 B2, filed June 2016,
granted April 2018.

S. Tertinek, A. Gebhard, S. Sadjina and K. Dufrene, ”Pulse Generation Using
Digital-to-Time Converter,” U.S. Patent US 9,755,872 B1, filed August 2016,
granted September 2017.

K. Dufrene, Ram S. Kanumalli, S. Sadjina and A. Gebhard, ”Multiple Modulated
Spur Cancellation Apparatus,” U.S. Patent Application US 2017/0359136 A1, filed
June 2016, published December 2017.

A. Gebhard, ”Second Order Intermodulation Cancellation for RF Transceivers,”
U.S. Patent US 10,172,143 B2, filed June 2017, granted January 2019.

K. Dufrene, S. Sadjina, A. Gebhard and Ram S. Kanumalli, ”Interference De-
tection Device, Interference Detection Apparatus, Interference Detection Method,
Computer Program, Receiver, Mobile Terminal and Base Station,” U.S. Patent US
10,097,220 B2, filed May 2017, granted October 2018.



1.5 Scope of this Work

The outline of the work presented in this thesis is:

Chapter 2 gives a detailed explanation of the most important TxL signal caused receiver
self-interferences. Here, two mechanisms are explained which lead to the modulated
spur interference. The first mechanism is caused by LO-to-LO crosstalk in inter-band
CA scenarios, and the second mechanism occurs in intra-band CA where a split-LNA is
used. Furthermore, baseband equivalent models for the modulated spur-, Tx harmonics-,
IMD2-, and the third-order nonlinear interferences are derived considering nonlinearities
in the transmitter- and in the receiver path. Finally, BB equivalent models for higher
even-order intermodulation distortions which are caused by a combination of the LNA-,
and the mixer nonlinearity are deduced.

In Chapter 3, the HR mixer concept is explained and a novel HR concept for 25% duty-
cylce current-driven passive mixers is proposed. The rejection of a specific harmonic
content of the Rx square-wave mixers is used to suppress specific receiver interferences
like the modulated spur-, or the Tx harmonics interference.

In Chapter 4, linear adaptive filters like the complex-valued LMS-, and RLS algorithm
are recapitulated using the Wirtinger Calculus [24]. These algorithms are subsequently
used to demonstrate the digital cancellation of the modulated spur interference. The
results and key findings of this chapter have been published in [9, 16].

Chapter 5 starts with an introduction of nonlinear adaptive filtering in the context of the
pure digital IMD2 interference cancellation. Polynomial filters [25, 26] like the Volterra
kernel based filter are investigated for the IMD2 cancellation. Subsequently, a novel
Wiener-model based nonlinear LMS-type algorithm (IM2LMS), and a novel nonlinear
RLS-type algorithm (IM2RLS) are proposed to cancel the IMD2 interference in the dig-
ital BB. The suggested IMD2 cancellation algorithms are evaluated using simulated and
measured IMD2 data. The measured IMD2 data is obtained from two different mea-
surement setups. The first setup includes a transceiver chip provided by the industrial
partner, whereas the second setup uses discrete RF components. The derivation and the
performance results of the IM2LMS-, and IM2RLS algorithms have been presented in
[7] and [27], respectively.

Finally, Chapter 6 concludes the work and gives an outlook on potential future research
topics in this field.
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Interferences in FDD RF Transceivers

2.1 Interference Overview

One of the main reasons of receiver desensitization in FDD transceivers is the lim-
ited duplexer isolation between the transmitter(s) and the receiver(s) which is around
50dB to 55dB [4, 5]. The resulting TxL signal into the receivers in combination with
front-end non-idealities may generate BB interferences which degrade the receiver per-
formance. The Tx-to-Rx stop-band isolation versus frequency obtained by a 4-pole S-
parameter measurement of a commercial band 5 duplexer [28] is depicted in Fig. 2.1. The
dashed lines indicate the change of the Tx-to-Rx isolation caused by a variation of the
antenna impedance mismatch corresponding to a maximally allowed voltage-standing-
wave-ratio (VSWR) of 2 [28]!. It can be observed, that the resulting TxL signal into
the receiver experiences a frequency-selective behavior of the duplexer in the stop-band.
This TxL signal can be identified as the root cause of several receiver BB interferences.

In this chapter the TxL signal caused receiver interferences are modeled in the RF
domain, and the resulting BB equivalent receiver interferences are determined. This
includes the modeling of the modulated spur-, Tx harmonics-, IMD2-, and higher even-
order intermodulation interferences. The down-conversion of the TxL signal by spurs
creates the modulated spur interference which may consist of a main and an image com-
ponent. This spurs may be generated through cross-talk between the LO lines of the
receivers on the chip together with device nonlinearities. The modulated spur interfer-
ence may also be generated by the use of split-LNAs in intra-band CA scenarios. The
second-order nonlinearity of the mixer creates an IMD2 interference which always falls
around the zero-frequency. In case of direct-conversion receiver architectures, this leads
to a BB interference which disturbs the wanted receive signal. Furthermore, the 25%
duty-cycle current driven passive mixer [29] which is preferably used in direct-conversion
receivers is modeled. Due to the square-wave control signals, harmonics are produced
within the mixer which may lead to the down-conversion of unwanted spectral compo-
nents into the receiver BB. This down-conversion by the harmonic response of the mixer
may degrade the receiver performance.

The receiver interferences can be split into interferences which occur in a single Tx/Rx
FDD transceiver, and in Tx/Rx CA related interferences. The next sections will explain
the different TxL signal caused receiver interferences, and for each interference methods
for the prevention are discussed briefly.

1A VSWR of 2 corresponds to a reflection coefficient with magnitude 0.333. To obtain the dashed lines
in Fig. 2.1 the angle of the complex valued reflection coefficient is varied between 0° and 360° and
the min./max. value is plotted.
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Figure 2.1: Magnitude response of the TDK band 5 duplexer. The dashed lines indicate

the change of the stop-band response due to an antenna impedance mismatch.
In this work, the used mathematical operators (.)*, ()7, (), and * denote the complex
conjugate, transpose, Hermitian transpose, and convolution, respectively. Lower-case
bold face variables (w, x, ...) indicate column vectors, and upper-case bold face variables
(A, B, ...) indicate matrices. For the derivative gT{/ of the scalar function J a row-vector
is used.

2.1.1 Non-Carrier Aggregation Related Interferences

Non-CA related receiver interferences occur when only one transmitter and one receiver
are active in FDD mode of the transceiver. The TxL signal may generate a BB inter-
ference by the nonlinearity within the receiver chain or by other effects like described
below.

Second-Order Intermodulation Distortion

The TxL signal in combination with the second-order nonlinearity of the receiver may
create a baseband IMD?2 interference. This second-order nonlinear distortion is caused
by e.g. a coupling between the RF- and LO-port of the Rx mixer [8]. An interesting
fact of this nonlinear interference is, that one part of the generated second-order inter-
modulation products always falls around zero-frequency independently of the Tx-to-Rx
frequency offset (duplexing distance). In case of direct-conversion receiver architectures,
this leads to an disturbance of the wanted receive signal. In this thesis, the mathe-
matical modeling of the IMDZ2 interference is provided in Section 2.3.5, and a nonlinear
LMS type algorithm (IM2LMS) to cancel the IMD2 interference in the digital BB is
developed in Section 5.4.4. In Section 5.4.7, a nonlinear RLS type algorithm (IM2RLS)
to cancel the IMD?2 interference is derived which shows an improved convergence speed
and steady-state cancellation performance compared to the IM2LMS algorithm.
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Prevention/mitigation methods:

The IMD?2 interference may be minimized by using duplexers with higher Tx-to-Rx iso-
lation to attenuate the TxL signal. However, this leads to higher costs for the duplexers
and increased insertion losses. In this thesis, the IMD2 cancellation by adaptive sig-
nal processing techniques is suggested. The IM2LMS, and the IM2RLS algorithm are
proposed for this purpose.

Tx Noise in the Rx Band

The overall nonlinearity of the transmitter (including the nonlinear PA) which may
include a memory effect generates a spectral skirt around the Tx signal bandwidth
which reaches up to the Rx frequency range. The residual skirt content after passing
through the duplexer Tx-to-Rx stop-band together with the wanted receive signal is
down-converted by the receiver LO. This may lead to a receiver desensitization when
the transceiver is operating in LTE bands with small duplexing distance. E.g. as de-
scribed in [20, 30|, for Tx intra-band CA scenarios, the duplexing distance can be as
small as 15 MHz.

Prevention/mitigation methods:

The nonlinearity of the transmitter can be reduced by using a pre-distortion of the trans-
mit signal. Another possibility to limit the OOB emission at the Rx band would be the
use of duplexers with higher isolation which generates additional costs.

Reciprocal Mixing

The Rx mixer is down-converting the wanted Rx signal to the BB. Similarly, also the
TxL signal is down-converted by the mixer resulting in a strong blocker signal at the
duplexing distance. Due to the LO PN, the spectral content of the down-converted
TxL blocker signal may reach the wanted signal frequency range. This effect is called
reciprocal mixing, where the spectral skirt caused by the down-conversion of the blocker
due to the LO PN disturbs the wanted signal. The cancellation of the reciprocal mixing
interference using an auxiliary receiver is presented in [31]. As the PN of the LO is
random, a pure digital cancellation is not feasible.

Prevention/mitigation methods:
The reciprocal down-conversion of the TxL signal may be mitigated by using duplexers
with higher Tx-to-Rx isolation or employing LOs with high spectral purity.

2.1.2 Rx Carrier Aggregation Related Interference Problems
Continuous-Wave Spurs

Due to the square-wave mixer implementation, harmonics of the different LO frequen-
cies are generated which may couple over the LO lines on the chip. If additional device
nonlinearities are present, new spur frequencies may occur through the nonlinear mixing
process. The resulting CW spurs may either overly the wanted Rx signal, or directly fall
into the BB. Also other clock sources on the RF-transceiver chip like the ADC or the
digitally controlled oscillator (DCO) may lead to spurs. If such a CW spur is present in
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Figure 2.2: Device nonlinearities and the mixer harmonics on the transceiver chip lead
to a spur which is 3 MHz below the transmit frequency fry.

the Rx baseband it occurs there as spectral peak which disturbs the wanted signal.

Prevention/mitigation methods:

In the transceiver layout, oscillators are placed on the chip die with largest possible dis-
tance between them. This minimizes coupling effects. Decoupling of the supplies with
large shunt capacitors may reduce the supply-crosstalk related spurs. From a signal
processing point of view, a CW spur falling into the Rx BB may be mitigated by using
digital interference cancellation in the BB e.g. by using a single tap LMS algorithm.

Modulated Spurs

In FDD transceivers the transmitter and the receiver are connected to the same an-
tenna operating simultaneously at different frequencies. The limited Tx-to-Rx duplexer
isolation leads to a TxL signal located at the duplexing distance frequency offset at
the receiver input. The modulated spur interference may arise because of two different
mechanisms: First, if a CW spur with the frequency fs, close to the actual transmit
frequency fry is present in the receiver chain, then the CW spur may down-convert the
TxL signal to the Rx BB. The following receiver CA scenario illustrates the generation
of such a CW spur which falls near the actual transmit frequency.

Spur Generation Example:

Assume a downlink (DL) inter-band CA case with LTE band 5 and band 12 with the re-
ceiver frequencies at fryx1 = 876 MHz, fryxo = 738 MHz, and the transmitter uplink (UL)
frequency at fry = 831 MHz. Device nonlinearities in combination with the harmonics
of the square-wave LO signals may generate a spur at fs, = 6 frx1 — 6frx2 = 828 MHz
which is 3 MHz below the transmit frequency. This spur generation scenario is illustrated
in Fig. 2.2. A detailed modeling of this interference is presented in Section 2.3.1 where
the modulated spur interference is a sub-class of other interferences.

The second mechanism that can generate modulated spurs occurs in intra-band non-
contiguous CA scenarios where a split-LNA is used. In Fig. 2.3 the block diagram of
an intra-band CA receiver using a split-LNA is depicted. It can be observed, that both
LNA inputs are directly connected without any filter in between. The transmit signal
leaks through the duplexer into the receiver. This TxL signal/energy is mixed by the
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Figure 2.3: Modulated spur interference occuring in intra-band non-contiguous CA sce-
narios using a split-LNA.

harmonics of the mixer Rx1 and reflected back to the split-LNA input. This reflected
energy/signal reaches the input of the secondary LNA because of the lack of reverse iso-
lation of the LNAs. The Rx2 mixer is down-converting this reflected energy by another
mixer harmonic down to the BB.

A detailed modeling of the modulated spur interference in split-LNA configuration is
presented in Section 2.5. Interestingly, both mechanisms are leading to the same BB
modulated spur interference which disturbs the wanted Rx signal. In [10, 9] the author
of this thesis gives a detailed description of the modulated spur cancellation in FDD RF
transceivers by adaptive filtering.

Prevention/mitigation methods:

As the generation of CW spurs cannot be prevented only by layout techniques, a high
duplexer isolation is needed to suppress the TxL signal. This increases the costs of the
duplexers and has the undesirable side effect of increased insertion loss, too. Split-LNA
related modulated spurs may be prevented by increasing the reverse isolation of the
LNA. Consequently, no signal energy is reflected to the other split-LNA. Another pos-
sibility is the use of HR mixers to suppress the harmful harmonics of the square-wave
mixers. The contributions [9, 10, 16] published by the author of this thesis provide a
mathematical model and the digital cancellation of the modulated-spur interference.
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Tx Harmonics in Downlink

In DL CA, the primary Rx (Rx1) LO frequency is always coupled via the duplexing
distance to the primary Tx (Tx1) frequency. But the secondary Rx (Rx2) LO fre-
quency is not coupled to the primary Tx frequency and may be located at any different
frequency depending on the intra/inter-band CA combination. When one of the har-
monics of Tx1 (e.g. 2nd, 3rd or 5th) which are produced by the nonlinearity of the
transmitter (including Tx switches) is close to the Rx2 LO frequency, then the Tx har-
monic is directly down-converted to the BB. Example: fpy = 700 MHz (low band) and
frx2 =~ 3frx = 2100 MHz (high band).

Prevention/mitigation:

The linearization of the PA using pre-distortion of the transmit signal may reduce the
generation of Tx harmonics. A high duplexer isolation suppresses the leaking Tx har-
monics but leads to higher costs and insertion losses. The mathematical model which is
provided in Section 2.3.1 indicates, that the Tx harmonics interference may be efficiently
canceled by adaptive signal processing techniques.

Tx Harmonics in the Downlink Harmonic Response

The nonlinearity of the transmitter (including the PA and the switches) produces har-
monics of the Tx signal which may fall into the harmonic response of the 25 % duty-cycle
square-wave mixer as will be described in Section 2.2. In this scenario the Tx harmon-
ics located at the frequencies 2fry, 3 frx,... are down-converted by a mixer harmonic
response (located at the frequencies 3 f1,0,,5fL0,,...) to the Rx BB.

Example:

Assuming an LTE inter-band CA scenario with the uplink primary component car-
rier (PCC) in band 2 at fry = 1875 MHz, and the downlink secondary component
carrier (SCC) in band 13 at f1.0, = 750 MHz, the 2"¢ order Tx harmonic signal will be
present around 3750 MHz. At the same time, the 5" harmonic of the SCC Rx LO occurs
at 3750 MHz which down-converts the unwanted 2"4 order Tx harmonic signal to the
Rx BB. The described example scenario is depicted in the power spectral density (PSD)
plot in Fig. 2.4.

Prevention/mitigation:

In the above example, the rejection of the 5% order harmonic response of the mixer
would suppress the down-conversion of the Tx harmonic signal. This may be achieved
by using a harmonic rejection mixer technique as described in Chapter 3. Other pre-
vention strategies are the linearization of the PA or the use of a duplexer with higher
isolation.
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Figure 2.4: Down-conversion of the 2"d Tx harmonic by the harmonic response of the
secondary CA mixer.

2.1.3 Tx Carrier Aggregation Related Interference Problems
Multiple Modulated Spurs
If Tx CA is used, each of the transmitters may cause a modulated spur interference if

spurs around the corresponding Tx frequencies occur.

Prevention/mitigation:
The same prevention strategies as for the single modulated spur case apply.

Tx Harmonics in Downlink/Downlink Harmonic Response

When multiple transmitters are used, each transmitter generates harmonics due to the
transmitter nonlinearity (PA, switches). Each harmonic content may be down-converted
by the fundamental or the harmonic response of the secondary mixer, thereby resulting
in a disturbance of the wanted receive signal.

Prevention/mitigation:
The same prevention strategies as for the single Tx case apply.

Intermodulation Distortions

In UL inter-band-, or intra-band non-contiguous CA, nonlinearities in the analog front-
end can produce intermodulation distortions. E.g. the third-order intermodulation prod-
uct (IM3) is generated at the frequencies fivs, = 2f1x; — fTx, and fims, = 2f1x2 — frx1
which may fall on top of the wanted receive signal or around the harmonic response of
the mixer. In both cases, the IM3 product is down-converted into the BB where it
disturbs the wanted signal. Intermodulation products may also be generated by blocker
signals received by the antenna. In this thesis Tx CA related interferences are not fur-
ther investigated.

Prevention/mitigation:

By using duplexers with high isolation the transmitter leakage signal may be reduced.
Consequently, the power of the generated intermodulation products will be lowered.
Intermodulation distortions may also be reduced by linearizing the Tx chain using cir-
cuit techniques. A digital cancellation technique of Tx CA induced intermodulation
interferences is presented in [32].
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2 Interferences in FDD RF Transceivers

2.2 Operation of the 25% Duty-Cycle Current-Driven Passive
Mixer

Mixers are used to shift the desired RF signal to the baseband or an intermediate-
frequency where the wanted signal is digitized for further digital signal processing. Fre-
quency translation may be realized by a nonlinear operation, or, as in modern RF trans-
ceivers with linear time-variant systems. In order to cover the high frequency range used
by modern communication standards as e.g in LTE, a wide-band frequency synthesizer
is needed. Realizing a pure sine-wave in the giga-hertz range for the mixing process is
not affordable in terms of hardware effort. Alternatively, switched square-wave systems
are used with a design related duty-cycle. In modern mobile transceivers, the 25% duty-
cycle complex IQ mixer architecture is preferably used in the receiver. It consists of the
four mixer switches (transistors) I, I, Q4 and Q_ which are switched ON and OFF
by a 25% duty-cycle scheme where at any moment only one switch is turned ON. The
switch control signals pry(¢), pq+(¢), pr-(¢) and pq-(¢) and the analog circuit of the
25 % duty-cycle mixer are visualized in Fig. 2.5 and Fig. 2.6, respectively. The switching
period of the control signals corresponds to 27 and zpp(t) is a low-pass filter impulse
response in the unit of an impedance. Each switch is turned ON for 25% of the LO
period thereby rejecting the flow of image-currents through simultaneously switched ON
switches. This has the advantage, that the RF current at the output of the LNA is not
split between the branches which leads to a 3dB higher conversion gain and a lower
receiver noise figure compared to a 50% duty-cycle mixer. Furthermore, no 1Q-crosstalk
occurs because no image current can circulate from the I-, to the Q-branch [33, 29].

One drawback of switched square-wave mixers is that the square-wave control signals in-
troduce harmonics (harmonic response of the mixer) which lead to the down-conversion
of interference signals which are located at the harmonics of the fundamental LO fre-
quency. To be able to provide a mathematical description of the interferences caused
by the harmonic response, a detailed understanding of the used square-wave mixers is
necessary.

The IQ mixer is directly connected to the current output of the LNA, and the switches
of the four mixer branches are switched ON and OFF by the 25% duty-cycle signals

= b kTio <t < (k+ 1) Tro (1) =y (t— L0
P+ 1 0, (/C—%—i) Tro<t<(k+1)Tro PIAR) = Py 2
! - (2.1)
e = (1= 1) o =i (1~ 7°)

which are depicted in Fig. 2.5 using the variable substitution pry (¢) = pi+ (¢TLo/(27)).
Here k is any integer number and 71,0 corresponds to the LO period. The RF current
irr(t) is split to the branches according to the switching functions (2.1). The resulting
currents in each branch are

irF1+(t) = pry (1) irp(t)  irp1-(t) = D1 (t) irp (%)

| e | SR (2.2)
irF,Q+(t) = P+ (t)irr(t) irF1+(t) = Pq- () irF(?).

By expressing the control signal pr (t) by its complex Fourier series with the coefficients
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Figure 2.5: Control signals of the 25% Figure 2.6: Analog circuit of the 25%
duty-cycle mixer. duty-cycle mixer.
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2 Interferences in FDD RF Transceivers

the control signals may be rewritten as [29]

00
Pri(t) = Y cpeltimiiot
k=—o00
00
ﬁl-(t) — Z (_1)kckejk27rfLot
S (2.4)
Pai(t) = Y e Fageltomiiof
k=—o0
00
ﬁQ-(t): Z Bjkgckejk%rﬁ“ot.
k=—o00

The Fourier series of each control signal contains even and odd harmonics. The Fourier

coefficient may be rewritten as ¢, = c%e_jk% using ¢, = %sinc (k%) The I+ and I-

current flows into the differential amplifier connected to the output of the mixer which
results in the differential current in the I-branch

irF,1(t) = irF1+(t) — iRF (1)
= irF (t)P1+(t) — irr (t)P1-(?)

0 00

k=—o00 k=—o00

o (2.5)
= 2igrp(t) Z Ckej(k%fwtfkﬂ
k=—00,k odd
o0

= 4ipp(t) Z C},COS (k27rfLot - kg)

k=1,k odd

and similarly in the Q-branch

irF,Q(t) = irF,Q+(t) — irF,Q-(f)
= irF (1)PQ+ () — irr (1)Dq- ()

00 0o
. — kT i kT i
_ ZRF(t) ( § : e Jk5 CkeijWfLot _ § : e]kQCkejk%rfLot)

k=—oc0 k=—0o0
o0
= 2iRF(t) Z 6_]k§ Ckejkzwﬁ‘ot (2.6)
k=—00,k odd
© .
=2 iRF(t) Z e Ik3 c%e](k%rfLotka)
k=—00,k odd
= m
= 4irp(t) Z oSN (k27rfLot - k1>
k=1,kodd
where o, = 1 for £k =1,5,9,13, ... and o = —1 otherwise. It can be observed that due

to the differential implementation the even harmonics cancel out each other, whereas
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2.2 Operation of the 25% Duty-Cycle Current-Driven Passive Mixer

the odd harmonics add up constructively. E.g. evaluating the terms for £k = £2 in the
third line of (2.5) results in

iRF,I(t)|k::|:2 = ZRF(t) . [(C;e_j47rfLot + C26.j47ffLot>

_((_1\-2,* —jdnfrot —1)2ppddm Lot | — @7
(—1)"*che + (—=1)%coe =0.

All even harmonics cancel each other out which is an advantage of the implementation
using differential amplifiers. The equivalent complex valued BB voltage after filtering
the RF currents with the low-pass filter zpp(t) becomes

upB(t) = upB,1(t) + juss,q(t)
= lirr,1(t) + jirr,q(t)] * zBB(?)

o0

= |4iRrp (t) Z C;eokj(k%rf[‘ot_k%) * 2BB (t) .
k=1kodd

(2.8)

Assuming that igp(f) contains the wanted signal at the frequency fryx and a blocker
signal around the frequency fpr, = 3 frx, the BB voltage becomes

upgp(t) = [4 (3? {iFB‘E(t)eﬂ”fot} + R {ig%(t)eﬂ”fBLt}>
° .
Z C;Ceakj(k%rfLot—kZ) " ZBB(t)
k=1 kodd

= [2 <Z§§ (t)eﬂﬂfaxt + l%ﬁ* (t)e_jQﬂ'fot + ZE% (t)ej27rfBLt + ZEE* (t)e_j27rfBLt)

oo
Z C%eo'kj(’Qﬂ'fLOt*k%) % ZBB(t)
k=1,k odd
(2.9)
In case of a direct-conversion receiver with fro = frx, the BB voltage after low-pass
filtering with the low-pass filter zpp(t) becomes

upg(t) = 2¢,iR5" (t)e 7% Zpp + 2¢4iB5 (t)e ™ T Zpg
down-converted blocker (210)
= 2¢,i8% (t) Zpp + BB disturbance,

where Zpp = 50 (2 is the low-frequency BB impedance. The Rx signal is down-converted
by the fundamental Fourier coefficient c¢; (see (2.3)). The blocker signal is down-
converted by the mixer’s 3" order harmonic response (Fourier coefficient cj) which
leads to a disturbance of the wanted signal. Similar disturbances may occur if igp(t)
contains blocker signals at other odd harmonics of the mixer LO frequency. Interest-
ingly, (2.10) shows that the control of the mixer switches as described in Fig. 2.5 and
(2.1) leads to the down-conversion of the complex conjugate Rx spectral component into
the baseband. This leads to an inverted Q-component of the received signal. The odd
harmonics (k = 3,5, 7, ...) of the control signal lead to the down-conversion of all spectral
RF components located around the frequencies k f,o to the BB.
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2 Interferences in FDD RF Transceivers

The sign of the Q-component can be corrected by the following options:
e Interchanging the Q4+ and Q- mixer control signals
e Interchanging the I+ with the Q+ and the I- with the Q- control signal
e Sign-change of the Q-component in the digital BB

The first two options are discussed in the following section.
Interchanging the Q. and Q_ control signals

By changing the control signal of the Qy-branch to pq. (t) and the control signal of
the Q_-branch to pq4 (t), the differential current in the Q-branch changes to

irF,Q(t) = — (irr,q+ (1) — irF,Q-(t))

e}

. ) T
= —4irp(t) Z ok Clsin (k:27TfLot — kZ) .
k=1kodd

(2.11)

The equivalent complex valued BB voltage (without any unwanted blockers) becomes

[irr1(t) + Jirr,Q(t)] * 2BB(1)

upp(t)
o .

= 4iRF(t) Z C;Ce_ak](k%rﬁ‘ot_k1> *ZBB(t)

k=1kodd

[ee]
= 4%{i§§(t)ej2wfp‘xt} Z c%e_akj(k%fwt_k%) * zpB(t)
k=1kodd

00
— |2 [iFB{E(t)ejZﬂ'fot + Z.E{E*(t)e—jQTrfot . Z cﬂce*"’“j(kzﬂfmt’k%) % ZBB(t)
k=1,kodd

(2.12)
and after low-pass filtering, the down-converted signal

UBB (t) = QClligl}é (t)6+j%ZBB

. (2.13)
= 261 Z%l}é (t)ZBB

contains the wanted Rx signal.
Interchanging the I+ with the Q+ and the I- with the Q- control signal

When this option is chosen to swap the sign of the Q-component of the received signal,
then
irF,1(t) = irF,Q+(t) — irF,Q-(t)
o0

T
= 4igp(t ' si (k2 t—k—)

irp(t) Z orcpsin ( k27 fro 1

k=1,kodd

(2.14)
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and ‘ ‘
irF,Q(t) = irF 1+ (t) — irPL ()

[e.e]

2.15
= 4iRF (t) Z C%COS (kQWfLQt — k%) ( )
k=1,k odd
which leads for £k =1,5,9,13,... (o = 1) to
upg(t) = [irr1(t) + jirr,q(?)] * 28B(t)
> ™
= |4irp(t) Z Ok CpSin (k27rfLot — kz)
k=1,kodd
> s
+3 Z C},COS (k27rfLot - kz) * zpB (1)
k=1,kodd
1 o0 oo
= |dipp(t) or Z Ukc%ej(k%rfLot—k%) . Z Ukc%e—j(k%rfLot—kg)
J \ k=1 kodd k=1,kodd
. o0 oo
+1 Z C;gej(mmot—kg) + Z C;ﬁe—j(kQWfLot—kg) p—
k=1,k odd k=1,k odd
= |4igp(t)j Z Cke—j(k%rfLot—kg) « 25 (1)
k=1,5,9,13,...
- {2 (Rt (eIt N eI (A0t R) | ),
k=1,5,
9,13....
(2.16)

It can be observed, that the fundamental and all harmonics are shifted by 7/2. After
low-pass filtering the mixer output signal, by assuming a direct-conversion receiver with
fro = frx, the resulting Rx BB voltage becomes

upn(t) = 2jciifis (1) Zon. (2.17)

In this configuration, the main Rx signal i5%(t) is down-converted to the BB. However,
due to the multiplication with j an IQ-swap occurs.

The detailed mathematical model of the 25% duty-cycle current driven passive mixer
describes how the wanted Rx signal is down-converted by square-wave signals. Fur-
thermore, the harmonic response of the mixer due to the square-wave implementation,
which leads to the down-conversion of unwanted spectral components, is explained. In
Chapter 3 a harmonic rejection concept is presented to suppress specific harmonics in
the control signals of the 25% duty-cycle mixer. This prevents the down-conversion
of spectral content located at the harmonic response of the mixer. In Section 2.5, the
mathematical model of the 25% duty-cycle current driven passive mixer is extended by a
jitter in the pulse duration of the control signals and a fundamental LO phase variation.
This leads to a mathematical model of the mixer which includes an amplitude, and a
PN component.
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2 Interferences in FDD RF Transceivers

2.3 Self-Interference Modelling

In this section, the generated self-interferences due to the TxL signal and the nonlinear-
ities in the transmitter or the receiver are investigated. The derivation is carried out by
using static nonlinearities without memory. The use of static nonlinearities is sufficient
to derive an analytical model which indicates at which frequency location each interfer-
ence component occurs. Apart from the nonlinearity of the PA, also the RF switches
which are used to switch between the different band-pass filters (duplexers) introduce
nonlinear distortions. Fig. 2.1 showed that the duplexer Tx-to-Rx frequency response
might be heavily frequency selective. Consequently, the duplexer stop-band response
introduces a memory-effect to the overall Tx-to-Rx leakage path. As a result of that,
a nonlinearity in the Tx path will result in an interference model which corresponds to
the nonlinear Hammerstein model. On the other side, a nonlinearity in the receiver path
will lead to a nonlinear Wiener or Volterra model [25]. Depending on that, different
interference cancellation algorithms need to be derived.

r(t) / ()
—> >

Nonlinearity

Figure 2.7: Memoryless nonlinear system.

Fig. 2.7 shows a block indicating a nonlinearity. Let’s assume, that the output signal of
the nonlinear system is described by the third-order nonlinear relationship

y(t) = arz(t) + ag [z(0)]* + a3 [z(8)]? (2.18)

where a1, as and ag are the polynomial coefficients. A nonlinearity in the signal path
creates new undesired frequency content which may interfere with the desired signal.
This may be the case if the created distortion falls directly in the receive signal fre-
quency range where it is down-converted to the BB together with the wanted receive
signal. Furthermore, in CA receivers spurs may down-convert the nonlinear distortion
to the BB. In both cases, the wanted signal will be disturbed.

The difficulty in nonlinear interference cancellation is the generation of the reference
signal for the digital cancellation algorithm (e.g. adaptive filter). The reference signal
generation is dependent on where the nonlinearity occurs. Therefore, the cancellation
of nonlinear distortions in the RF transceiver may be divided into two cases:

1. The case where the nonlinearity occurs in the transmitter path
2. Nonlinearity in the receiver

In the first case, the Tx signal passes through the nonlinearity and is subsequently
convoluted with the duplexer Tx-to-Rx stop-band impulse response. This corresponds
to a Hammerstein model [25] where the reference signal can be generated using a static
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2.3 Self-Interference Modelling

nonlinearity. In the second case, the transmit signal leaks through the duplexer with
memory and subsequently the TxL signal experiences the nonlinearity. The second case
is the more challenging task for the reference signal generation of the adaptive filter and
results usually in the use of Volterra kernel filters [25]. In the next sections interference
models for both cases will be derived.

2.3.1 Nonlinearity in the Transmitter

A third-order nonlinearity in the transmit path may e.g. be introduced by the duplexer
switches or the PA itself. The nonlinearity creates new frequency content which leads to
e.g. the 2°! and 3" Tx-harmonic distortions located at the frequencies 2fry and 3 fry,
respectively. Fig. 2.8 shows that in a CA receiver this Tx-harmonics may interfere with
the desired Rx signal. The 2" Tx-harmonic is in the same frequency range as the desired
Rx signal of receiver Rx2 which leads to a disturbance of the desired receive signal. In
the following derivation, the transmitter nonlinearity (including the nonlinearity of the
PA and the duplexer switches) is modeled as a static third-order polynomial nonlinearity
at the output of the PA. With the linear amplification Apa of the PA, the RF signal at
the output of the PA becomes

xRF(t) = Apa R {:UBB(t)ejzﬂfot} , (2.19)

where xpp(t) is the complex valued BB transmit signal and fpy is the transmit carrier
frequency. By using the identity

R{€) =3 (€+€), (2.20)

the signal Zrp(t) at the output of the nonlinearity becomes

fIRF(t) = Oq:L’RF(t) + o [xRF(t)]2 + a3 [xRF(t)]3

A? A A |
= OéQTPA |$BB (t)‘Q + QI%A (xBB (t)eJQWfot + TBp (t>*e—]27rfot)
343 A * B
+ a3 8PA (l'BB (t) |$BB (t)|2 e]?ﬂfot + l'BB(t) |5EBB (t)’2 e ]QFfot>

A . .
+ a9 PA (:L,BB(t)2€]47rfot + [ﬂCBB(t)*]Z e—g47rfot)

A . .

+ s PA (l‘BB(t)3€]67rfot + [IEBB(t)*]ge_]&rfot) (221)
Apa
2

343 ,
+ as 4PA§R {IL’BB(t) |IL’BB (t)’2 6J27Tfot}

= a9 |1,‘BB (t)‘Q + a1 ApaR {.CUBB (t)€j27rfot}

A2 -
-+ (D) 75‘/\ §R {wBB (t)26347rfot}

A3 -
+ 043TPA§R {.I'BB(t)?’e]M-fot} .
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Figure 2.8: LTE-A FDD CA transceiver with a static third-order nonlinearity in the
transmitter path. Receiver Rx2 is affected by the second-order Tx-harmonic
distortion.

It contains new undesired frequency content at the harmonics of the transmit frequency.
The signal components at the output of the nonlinearity are leaking at different frequen-
cies through the duplexer into the receiver. For each signal component (fundamental
at the frequency fry, 2" harmonic or H2 at the frequency 2fry, 3" harmonic or H3
at the frequency 3fry), a different BB equivalent stop-band impulse response of the
duplexer as described in (2.22) can be identified. Here, htxl(¢) is the RF duplexer Tx-
to-Rx stop-band impulse response at the frequency fry and hil(t) the corresponding
complex valued BB equivalent impulse response. The pre-factor 2 in (2.22) is used to

compensate for the factor % in the identity (2.20).
hig-(t) = 2R {hggL(t)eﬂwaxt}
hip (1) = 2R {hg%(t)eMWfot} 2.22)
W () = 2R {hgg(t)ej6mxt}

The duplexer is assumed to be a band-pass filter and therefore the signal component
around direct-current (DC) in (2.21) is attenuated. Consequently, the Tx-path nonlin-
earity does not create a relevant interference around DC in the receiver. Fig. 2.9 shows a
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2rp(t) Zrp(t) grr(t)
— / hrp(t)  fr—

Nonlinearity Duplexer

\ 4

Figure 2.9: Nonlinear system and duplexer.

simplified block diagram of the signals and the duplexer impulse response. The received
interference signal after the duplexer is

Urr(t) = Trr(t) * hrr(t)
= a1 Apa R { [mBB(t) * thL(t)] ejZWfot}

S0 R { [oan(t) om0 G 0)] €7/} (2.23)
2

+ 042%% { (BB ()% * hg(1)] €j4ﬂfT"t}

+043

3
+ 043%3? { [zBB(t)° * hgp (t)] ejﬁﬂfT"t} ,

which is amplified by the LNA with gain Arna. The resulting LNA output signal
becomes

Urr,LNA (t) = ALNATRF (). (2.24)

For modeling purposes it is assuming that each interference component at frequency
Y - frg for ¥ = 1,2,3 is down-converted with an appropriate spur with amplitude Ag 4
and frequency f,  to the receiver BB2. The down-converted interference signals appear
in the BB with the frequency shifts

wa = "iﬂ ! fo - fSp,’l/)' (225)

Consequently, each signal component is amplified with the combined LNA and spur gain
Gy = ALnaAsp . The received signal after the down-conversion of each interference

2In practice, usually not for all interference components a corresponding spur occurs at the same time.
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component Jrr ,NA,(t) With a corresponding spur becomes

3
yre(t Z RELNA o (t) - Agppe 32 o
—1

= AP;GI {[:UBB(t) * h%ﬁL(t)] 327 (frx—fap,1)t

+ [z (t) * AES ()] e—j2w(fo+fSp,1>t}

* agBA};SAGl { PBB(U e (1)) * hgﬁL(t)] eI {frx—fop 1)t

+ [ﬂsBB (t) lza(t))? * h%EL(t)} * 6—j27r(fo+f5p,1)t} (2.26)

IO AT p—

+ [zBB(t)” * hgp(t)]” e—ﬂ‘27r<2fo+fsp,z>t}

Apa G 8 4 13 (4] (27 (3 fip )t
+ as 3 { [zBB(t)° * hpp(t)] € P,
+ [zBB(t)® * higp(1)] : e_j2”(3fo+fSP’3)t} ,
where the ideally assumed anti-aliasing filter in front of the ADC attenuates the signal

components which are far away from the BB. The resulting received interference signal
in discrete time at the output of the ADC is approximated by

yBB,ADC[N] = alAP;Gl [za[n] * hiE" [n]] R
+ aggAiAGl |wsn (0] [zmp ]+ R[] €77 Tt o
+ az AI%ZGQ [zBB[n]? * hgg[nl] eﬂ”%” .
+ a3 A%§G3 [zBB[n]® * hig[n]] ejzﬂ%s”

Here, f, is the sampling frequency and the baseband equivalent discrete-time duplexer
impulse response

hisk[n] = ThEsk(t (2.28)

‘t:nTS

is a scaled and sampled (impulse invariant) version of the continuous-time BB impulse
response hiXl(t) [34, 35]. The DC in the received signal is time-variant and has many
sources like e.g. LO-LO self mixing [8]. Therefore, to prevent the ADC from saturation,
the receiver contains a mixed-signal DC cancellation. This DC cancellation in combi-
nation with the channel-select filtering is modeled by the combined impulse response
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2.3 Self-Interference Modelling

hs[n] = hpc[n] * hs[n]. The resulting BB interference model becomes

yBB[n] = yBB,ADc[n] * 715 [n]

A N NY o TAy _
= {a1 PgGl hgEE [n]e?*” fsln} * {xBB[n}eﬂ” T ”] * hs[n)

343, G o dal 2 2n
+{a3PA1hg>éL[n}eﬂ 7 }*[wBB[n] |eppn]|* " ]*hs[n] (2.29)

8
A2, G o Ay o Tng _
i {“2 LA R e f} " [wBB[nFeﬂ” a ] i« hufn)]

A3,G o83 ondta, ] -
+ {ag ng “Q’fLPBI%[n]eﬂ7r fsgn} * [:):BB[TL]?’e]g7r 7 "] * hs[n].

In (2.29), four interference components can be identified. The first part at frequency frx
is the modulated spur interference as it occurs in intra/inter-band CA scenarios. The
second part at frequency fry is caused by the cubic nonlinearity. The third and fourth
part are the 2°4 and 3¢ Tx-harmonics, respectively. Usually not all interferences are
present in the BB simultaneously because not all spurs which down-convert the individual
interference components occur at the same time. However, this combined interference
model shows how each interference component hits the receiver BB if a corresponding
spur occurs. The derived signal model is used to extract the Tx-signal kernels which
are needed for the digital cancellation (e.g. by an adaptive algorithm) to cancel each
interference in the receiver BB. Table 2.1 summarizes the derived reference signals.
Each reference signal may be used as an input signal for a dedicated adaptive filter to

’ Interference ‘ Reference signal for the digital cancellation ‘
o Ia _
Modulated spur rpg[n)e’ 2 kR [n]
o Ia _
34 order nonlinearity zpp[n] |zps[n]|* ¢ 20T hs[n]
) Fay —
274 Tx-harmonic xpp[n)?e’ " | x hsln]
'Qﬂm—3n T
34 Tx-harmonic xpp[n]3e’ ™ T | % hy[n)

Table 2.1: Required reference signals for the adaptive filter to cancel the transmitter
nonlinearity induced receiver interference.

cancel each individual interference. The spur frequency fs,  depends on the receiver
configuration and the involved CA scenario. However, for a specific CA scenario, the
spur frequencies may be predicted by the knowledge of the LO frequencies, the frequency
location of their harmonics, and the knowledge of other clock frequencies (e.g. ADC) on
the transceiver chip. When the harmful spur frequency f,  is identified, its frequency is
used to derive the frequency shift fa, which is needed in the reference signal generation.
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2 Interferences in FDD RF Transceivers

2.3.2 Nonlinearity in the Receiver

Nonlinear distortions in the receiver chain are generated by the duplexer switches, the
LNA, and the mixer. To simplify the derivation of the interference terms a combined
memoryless third-order nonlinearity is used to model the nonlinearity of the duplexer
switch and the LNA. The coupling between the mixer input and LO terminal causes
an IMD2 interference which will be described in Section 2.3.5. The cascading of the
switch/LNA third-order nonlinearity and the mixer second-order nonlinearity will be
described in Section 2.3.6. As will be derived below, an IMD2 interference may also
be caused by the second-order nonlinearity of the duplexer switches or the LNA. How-
ever, because the second-order nonlinearity of the switch/LNA, and the mixer DC feed-
through coupling term are small, this IMD?2 interference is much weaker than the IMD?2
interference which is caused by the mixer terminal coupling. In the following section, a
BB equivalent interference model based on the memoryless third-order nonlinearity in
the receiver input is derived (see Fig. 2.10). The transmitter leakage signal ygx“(¢) is
mathematically described by the convolution of the RF transmit signal

rrp(t) = ApaR {xBB(weﬂﬂfot} (2.30)
with the duplexer impulse response
BEE-(t) = 2R { R (1) et} (2.31)
which results in the leakage signal
yRi(t) = ore(t) * hii- (1)
= ApaR { [opn(t) « REE(1)] 27t} (2.32)

= 22 (o (1)« AR )] 77/ + [on () « WG] e 200

2
O f
Z—> hs[n] ﬂp Rx

CSF+DC™!

L»
Jrs v (t) /

Nonlinearity

AT fRx
hig-(t) (

M,

fo

-
<

7 N

TRr(t) A f' rpp[n]
PA D Tx
—D—>

fo

fo

Figure 2.10: Direct conversion RF transceiver depicting a switch/LNA caused memory-
less third-order nonlinearity in the receiver input.
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2.3 Self-Interference Modelling

Using (2.32), the signal at the output of the third-order nonlinearity becomes

'yl X X 2 X 3
Jre(t) = onygp-(t) + a2 [yrs (1)) + a3 [yre-(1)]
A2
= QQLA ‘-TJBB ) * hTXL( )‘

- m% ([wmm(t) « AEE-(1)] €771 4 [wpp (1) ()] €727/t

A .
T a33 8PA ([J:BB(t) * hrlg)]éL(t)} ‘CUBB(t) * h%ﬁL(t)‘Q el2mfrst (2.33)
+ [-TBB(t) * thL(t)]* ‘»TBB ) * thL( )‘2 e_anfot)

2

+ az% ([:cBB(t) s hESL ()] 47ty [ (£) % R (1)] 2€_j4”f“t>
3

A e 3 jém X *3 6w
+ ()4378PA ([I'BB(t) * thL(t)] €J6 frxt + [{L‘BB (t) * hr]gBL(t)] e 76 fot> .

The signal yrp(t) is amplified by the LNA with gain Apxa which leads to the LNA
output signal

Urr,LNA () = ALNATRF(E). (2.34)
The first interference term in (2.34) falls directly around DC and produces therefore a
receiver BB interference. The other terms are located at the frequencies v - fpy with
1 = 1,2,3. However, spurs which occur in the analog front-end may down-convert these
terms into the BB. In this interference derivation, it is assumed that each interference
term is down-converted by a corresponding spur (with frequency fs,.) into the Rx
baseband where it appears with the frequency offset fa, = - frx — fspy- The signal
term around DC in (2.34) may leak to the mixer output by the DC feed-through term
aD‘X therefore creating an IMD2 interference in the receiver BB. Recalling that G is
the combined LNA and spur gain, the resultlng interference model becomes

2
APAO‘DC

Yrr () = az—— == |z () * hEE- (¢ \ +ZyRF LNA () - Agp e 92w
Pp=1
A2 aMlX
= QQ% ‘1’ B )*thL( )‘
ApaG1

+ a1

5 ([ZL‘BB(t) * h%’]éL(t)] 27 (frs—fop,1)t

+ [zeB(t) * RE ()] e_j27"(fo+fsp,1)t)

3AY,G ,
Jroz:a%1 ([ B(8) * B (1)] |wsn (£) * hES (1) |° 27U Fopa)t (2.35)
+ [wmn(t) « hEE (D] [wsn (1) « AEE(1)[ —a‘2w<fo+fsp,1>t>

A2,G |
+ ap AT ([app(t) « A ()] 2R s 2t
+[wmn(t) * ()] eI Rl )

8

A3 ‘
+[zpp(t) * hEE(H)] —j27r(3fo+f5p,3)t) ‘
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2 Interferences in FDD RF Transceivers

The anti-aliasing filter attenuates the frequency content which is far away from the BB.

By using the impulse invariant discrete-time impulse response hTXL[ 1 =T, hTXL ‘ T

the resulting discrete-time BB interference model may be expressed as
yBB,ADC[N] = OézAQA;]l\)/hCX |zgB[n] * iy [n ”
+ o AP Lo ] )] 7 (2.36)
+ a33A%G1 [wpp[n] * 0] |esln] « bS][ S
+ag A%ZGQ [wpp[n] * b5 (] e par
g M8 o W)

After channel-select filtering and the DC cancellation the BB equivalent interference
becomes

yBB[n] = BB.ADC[P] * hs[n]
A2 Mix

ZQZW{@BB[ ] WL ]| }*Bs[n]

" {C”APQG%E%L [n}} " { [n]] # hs[n)
—i—ozg?)AiM{[xBB[n] « W [n]] |2ssn] * AESIn ]\Qeﬂﬂf’?fﬂ} R 25
+a2AQPfZG2{[xBB[ ] % hix(n }]QefQW’?fn} % hg[n]

+a3fP”§G3{[mBB[ ] % hiXn }]3 ﬂ“f?gn}*ﬁs[n].

n (2.37) several interferences can be identified: An IMD2 interference which is fed
through the mixer by its DC feed-through gain al\D/“CX, the linear modulated spur inter-
ference, interference caused by the cubic nonlinearity, a quadratic interference at 2 fpy
similar to the 2" Tx-harmonic and a cubic interference at 3 fry similar to the 3" Tx-
harmonic. Unfortunately, the extraction of the reference signal for a digital cancellation
algorithm is not as straight forward as in the case where the nonlinearity occurs in the
Tx path. The strength of the individual interfernce terms depends heavily on the mag-
nitude of the nonlinearity coefficients. However, the second and third interference term
in (2.37) may occur simultaneously when a spur at fsp1 ~ frx is present. If the PA-
and the LNA gain are both high?3, the third term may be even stronger than the second.
As will be discussed later in Chapter 5, the nonlinear interferences terms as they occur

in (2.37) may be canceled by the use of Volterra-, or Wiener model based filters [25].

3For high LNA gains the factor as may increase and for high PA gains the term A?y, may dominate.
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2.3 Self-Interference Modelling

2.3.3 Spur 1Q-Imbalance

Till now it was assumed that the spur which is down-converting the RF interference to
the BB may be modeled as an equivalent complex valued spur of the form

psp(t) = ASpe_j%fspt

L (2.38)
= Agp (cos (27 fopt) — jsin(2m fept))

with amplitude Ay, and frequency fs,. However, measurements at the real transceiver
chip showed that the observed BB interference not only contains the down-converted
RF interference but also its spectral image. This means that the spur model needs to
be extended to be able to describe the true BB interference. This may be done by
incorporating the IQ-imbalance model [36, 37]. By including a gain imbalance g, and
phase imbalance ¢, the spur model becomes

Psp(t) = Asp (cos (2 fipt) — j g sin (27 fspt + @) - (2.39)

By using the identities cos (¢) = & (e7¥ + e7¥) and sin (1) = % (e7¥ — e79¥) the spur
may be expressed as

psp(t) = Asp |:; (QJQWfSPt + e*j2ﬂf5pt> _ % (ej(27rf5pt+¢) _ 6j(277fspt+¢)>:|

(2.40)
= Ay [Kleszwfspt n K2€j2nfspt}
where " ”
1 —J 1—qgél
K, = %, and Ky = %. (2.41)

When (2.40) is used to replace the spur terms in (2.26) or (2.35), the resulting main and
image interference component appear in the BB. In Section 2.3.4, the modulated spur
interference including an IQ-imbalance in the spur will be derived in detail.

2.3.4 Modulated Spur Interference with Spur 1Q-Imbalance

In this section, the modulated spur interference which was derived in Section 2.3.1 is
extended by a spur IQ-imbalance. In the introduction of this thesis it was already
mentioned that the modulated spur interference may be generated by LO-LO cross-talk
spurs, or by the use of a split-LNA. In the following derivation it is assumed that the
modulated spur interference is generated by an LO-LO cross-talk spur. Also the wanted
Rx signal and the noise are added in the interference model. Using the same modeling as
introduced in Section 2.3.1, the RF transmitter leakage signal into the receiver becomes

YREH (1) = ApaR { [wpm(t) + W (1)] 27t} (2.42)
The LNA output signal
yrivLNa () = Anna [yrie (1) + g (8) + ore(1)] (2.43)

contains the amplified TxL signal yxF(¢), the wanted Rx signal yR%(¢) and the noise

vrr(t). In the next step, the signal after the down-conversion mixer (2.44) is derived.
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2 Interferences in FDD RF Transceivers

The wanted Rx and the noise signal are down-converted by the Rx mixer local oscillator,
whereas the TxL signal is down-converted by the spur with IQ-imbalance (2.40) which
appears at the Rx mixer?. The TxL signal is amplified by G5, = ALnaAsp, where Ag,
is the spur gain. By neglectlng the mixing products of the Rx and noise signal with the
spur, the total received signal at the output of the mixer becomes

yﬁ%‘ﬁ mixer (t) = yFTiéL (t) GSP |:K1 e_j27rfspt + K2 e+j2ﬂfspt

‘ (2.44)
+ ArNa [yl%ii(t) + URF(t)} e I2mfRxt
Using the identity R {¢} = 3 (€ +£*), (2.44) results in
ApaG
yg%tmlxer(t) = % {Kl [mBB(t) TXL t)] e]2ﬂ' Jrs=fep)t
+ Ko [zpp(t) * hTXL(t)} 327 (frxctfop)t
+K1 [ (t) * hgH (1)) e /2mUmtl)t
K [emp(t) « ()] e T2TUB L (2.45)
1 1 -
+ ALNa [231513( )+ 22/13 B(t)e Mﬂfo}
1 1 *  —jAm frxt
+AuNa | goBs(t) + guss(t) e
The ideally assumed anti-aliasing filter in front of the ADC attenuates the mixing prod-
ucts in yg%t’mixer(t) which are far away from the BB. The resulting received discrete-time

signal using (2.22) and (2.28) is approximated by

/o) APAG b'e ﬂ'fATL
ys apcln] = — e {Kl [zBB[n] * hiss“[n]] /27
* o — 7rf n
+ Ky [zppln] « 5 n]] e ™2 T } (2.46)
ALNA Ry ArNa
+ = yB[n] + 5 vpB[n],

where fao = frx — fsp. Thus, the main modulated spur interference component appears
in the receiver BB with the frequency offset fa, and the image with the offset — fa.
Considering the combined channel-select filtering and DC-cancellation with the impulse
response hg[n], (2.46) leads to the BB equivalent received signal

yERIn) = y apcln] * hsfn]
= rpp[n] * hg%t,ﬂn] + 25p [n] hg%tQ[ ]
~~ (2.47)
YBB
A - A _
+ = BB [n] * hsn] + = vnpfn)  huln).

“In the real mixing process the overall signal which appears at the mixer input (including the Rx, the
noise and the TxL signal) is mixed with the LO frequency and the spur. However, some of the mixing
products fall outside the relevant frequency range and may be neglected.
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2.3 Self-Interference Modelling

In this final result y]1\3/[]§ is the BB equivalent modulated spur interference which contains
a main and an image interference component. In

apg(n] = |:=7?BB[ ] ]%%”} % hs[n], (2.48)

the Tx signal is shifted by fa and subsequently filtered by the CSF and

o APAGS Kl < 'Qﬂf—An
higga[n] = =P hgg )T A, (2.49)
APAGS K. e —jorian
Wi oln] = == 2= higgfnle 7 % (2.50)

are the main and image impulse responses of the Tx-to-Rx leakage channel. The digital
cancellation of this modulated spur interference by adaptive filtering is presented in
Section 4.6.

2.3.5 Mixer Terminal Coupling Induced IMD2

The second-order nonlinearity of the switch/LNA creates an IMD2 interference which
may leak through the mixer DC feed-through to the BB. However, the larger contri-
bution of IMD2 interference is created by a coupling between the RF and LO port of
the IQ-mixer [8]. Based on the block diagram in Fig. 2.11 depicting an RF transceiver
operating in FDD mode, a detailed IMD?2 interference model is derived. The transmitted
complex valued BB signal zpg(t) = x1(t) + jxq(t) is up-converted to the passband and
amplified by the PA gain Aps which is for simplicity assumed to be linear (neglecting
the transmitter nonlinearity). The resulting RF transmit signal

rrp(t) = ApaR {xBB(t)eﬂ”fot} (2.51)

is radiated by the antenna, but a small portion of the signal is leaking through the
duplexer stop-band which is modeled by the RF impulse response

REE(t) = 2R { W (et} (2.52)

where hg’éL(t) is the BB equivalent duplexer impulse response. The resulting transmitter
leakage signal in the receiver can be expressed as

yRi (t) = arp(t) * hii- (t)

. 2.53
= ApaR { [wmn(t) AL (1)] e/t | (258)

The total received signal at the output of the LNA
yrr Lna(t) = Aina [yri- (8) + yRE() + ore(1)] (2.54)

with the gain Apna contains the amplified Tx leakage signal, the wanted Rx signal
yRx(t) and the noise vrp(t). The output signal of the I-, and Q-path mixer is combined

into the complex valued signal ya% . (t) (2.55). It contains the wanted signal which
I

is down-converted with the linear gain a1 = a7 = a?‘, and the second order interference
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\ 4

%{yTOt[n}}
AL >
JA AL R
ad CSF+DC!
/\/\ m »f 2 900
fo fo

0 —~("\) fr« Rx
(1,.12
(P R {yTot }
' A ol 7 [
vRE () b’ X p[] " >
CSF+DC™!

IBB [n]

Tx

f Tx

Figure 2.11: Block diagram depicting an RF transceiver operating in FDD mode which
experiences a second-order intermodulation distortion in the I-, and Q-path
of the receiver due to the transmitter leakage signal and the Rx mixer RF-

to-LO terminal coupling.

with the mixer RF-to-LO terminal coupling coefficient as = o} —|—ja2 With o, # on
different scaling of the I-, and Q-path IMD?2 interference is assumed [23, 6].

T T 1
yR%tmlxer (t) = yR%t,LNA (t)OqCOS (ZWfot)

1

+ yae Laa () [osyRe Laa (f)]

- ijT{%t,LNA(t)% sin (27 frxt) (2.55)
T,

+ jyre Lna(t) [02 YR LNA (t)]

= yg%t,LNA (t)are 72Tt 4 oy yfTi%t,LNA(t)Z

Assuming a direct conversion receiver, and using the identity

R {ne’} = = (ne" +n*e "), (2.56)

N |
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2.3 Self-Interference Modelling

the total mixer output signal by neglecting the signal content which falls outside the BB
bandwidth becomes

ALNA Ry ALNA
YR miver(£) = 01 =2y (1) + an =2 v (1)
g A? . 2 2
QEINA ] 4py (epn(0) « ) + [sB50) (2:57)

+oms(8)” + 2R {5 (Oois(t)}].

The third term in (2.57) contains the squared envelope of the TxL signal denoted as the
IMD2 interference. As in critical, e.g., cell edge scenarios the Rx and noise signal are
much weaker than the TxL signal, the last three terms in (2.57) may be neglected [6, 7].
The resulting total received discrete time BB signal

A - A _
v [n] = 01 =5y 0]  hsln] + on =2~ vpn(n] * han]
« 2 -
+ ?2 |ALxaApa (zBB[n] * hgﬁL[nm * hs[n], (2.58)
VP2l

contains the BB IMD2 interference y2iP2[n] and includes the DC cancellation and

channel-select filtering using the combined impulse response hg[n]. In (2.58) it can
be observed, that the IMD2 interference is generated by the squared envelope of the
BB equivalent TxL signal. This squared envelope contains a DC and has twice the Tx
signal bandwidth (BW). The DC is eliminated in the receiver by its mixed-signal DC
cancellation and the BW is reduced to the LTE signal BW by the CSF.
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2 Interferences in FDD RF Transceivers

2.3.6 Higher Even-Order Intermodulation Interferences

Cascading the third-order nonlinearity of the switch/LNA (Section 2.3.2), with the
second-order nonlinearity of the mixer (Section 2.3.5), additional nonlinear interfer-
ence terms occur. The output signal of the LNA including a third-order polynomial
nonlinearity and by neglecting the intermodulation products of the Rx and noise signal
becomes

yET{%t,LNA(t) = ALnaygip- (t) + oyt lyre- ()] + ay™A R (1))
+ ALna [yRE(t) + vre(t)]

LNAAPA }‘TBB )* thL( )l

A | .
+ Aua g ([%BB@) * hEEl(1)] /2™t 4 [2pp(t) * hEEE (1)) e_]%fot)

LNA 3A133A TXL TxL 4\ |2 727 frxt
+ ag = ([CUBB( ) % hph )] |xBB(t) * hph (t)| e x

+ [wmn(t) « WD) |emn(t) « AES-(1)[* €772/t

A - 2 x *2 _
+ag™A EA <[33BB(t) * thL(t)] eldmfrst 4 [zBB(t) * thL(t)] e ﬂﬂfot)

_|_aLNAA7?l)3A ([m (t) *thL(t)]3 67 frst [ ( ) thL( )] *3 —j67rfot
3 3 BB BB e + |xBB(?) *

+ Arna [yrp(t) + ore(1)] -
(2.59)
With the mixer RF-to-LO terminal coupling coefficient a3 = ol + jonQ for the I- and
Q-branch of the IQ mixer, the down-conversion gain a1 3 and the DC feed-through

gain al\D/hCX = aDC + ]agc, the output signal of the mixer becomes

T Mix | T Mix 727 frx Mix | T 2
YRE mixer () = DS URE Laa () + ?JRF *na (B) o) Xe AT Rty g yreINa(t)? (2.60)

Neglecting the signal components which are outside the CSF bandwidth, the total re-
ceived BB signal may be described by

A2, 2
yg%mlxer(t) = ;A (a12thA2 + O‘%NAQ%)/%X) ’xBB(t) hTXL( )’

4
+ alz\/lixAgPA [3 (aLNA)2 + 6a§'NAALNA} ’xBB ) hTXL( )’
+ a12vﬁx( %NA)Q 10?‘)4PA ‘$BB (t) * thL(t)‘6

iX ALNA X 1X ALNA
+a)! ypn(t) + )" TUBB(t)-

(2.61)

5An identical down-conversion gain for the I-, and Q-branch is assumed.
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2.4 Quantification of the IMD?2 Interference

The resulting total received discrete time BB signal after the combined channel-select-,
and DC-filtering using hs[n] = hs[n] * hpc[n] is approximated by

A2 ix ix X 2 7
yg?_%t [n] = [;A (0412\/[ A%NA + a%NAall\)/[c) }»TBB [n] * thL [”H ] * hs[n]
[ Mix A4PA LNA\?2 LNA T<Lr 114 . 7
+ |y 5 [3 (a2 ) + 6oz ALNA] ‘xBB [n] * hgh [n]’ * hg[n]
- L0AS6 (2.62)
ix 2 X 6 7
+ ozg/[ (a%NA) 372PA }:UBB[n] * thL [nH ] * hg[n]

[ i A LA -
[l B s )+ o S g ]

The first term in (2.62) corresponds to the IMD2 interference. It is generated by the
second-order nonlinearity of the mixer and the combination of the second-order non-
linearity of the LNA and the DC feed-through of the mixer. The second term is the
fourth-order intermodulation distortion (IMD4) interference which is a combination of
the second-order-, and third-order nonlinearity of the LNA and the second-order nonlin-
earity of the mixer. The third term is the sixth-order intermodulation distortion (IMDG6)
interference which is generated by the third-order nonlinearity of the LNA in combina-
tion with the second-order nonlinearity of the mixer.

2.4 Quantification of the IMD2 Interference

2.4.1 Two-Tone IIP2 Derivation

The second-order intermodulation product (IM2) is created by the quadratic nonlinearity
of the mixer [38]. At the output of the mixer, undesired frequency content is generated
but only the signal part which falls into the BB interferes with the desired Rx signal.
The second-order receiver nonlinearity is typically specified by the two-tone second-order
input intercept point (IIP2) value [39]. This value determines at which input power level
the total input power P, = A?/Zq of the two-tone (2t) RF input signal

x(t) = Acos (27 fit) + Acos (27 fat) (2.63)

equals the total mixer input-referred® IM2 power. It also allows the calculation of the
mixer input-referred two-tone IM2 signal power by the well known formula [39]

Py e = 2PindBm — 11P24pm (2.64)

5The IMD2 signal power which occurs at the output of the nonlinear mixer may be related to an
equivalent power at the input of the mixer which (when amplified with the linear power gain o?
of the mixer) generates the same IMD2 output power. This so-called input-referred IMD2 power is

obtained by dividing the mixer IMD2 output power Pli?g’zt’op” by 2.
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2 Interferences in FDD RF Transceivers

derived in the following. The mixer output signal
y(t) = z(t)are 2R 4 (t)?
= z(t) e I¥ rRep 4 %AQ {cos (47 f1t) + cos (4 fot) }
—_————

Yin (t)

(2.65)

2nd harmonics

+ g A% {1+ cos (27 [f1 + fa t) + cos (27 [f2 — f1] 1)}

Yins o (t)

consists of the linearly down-converted input signal 4, (¢), the 2 order harmonics, and
the two-tone IM2 signal. The resulting mixer output-referred (OR) IM2 signal power
becomes

Tot,2t /,\2
ot OR _ E {yIM2 (t) }  203A% (2.66)
IM2 = Zo - Zy

At the IIP2 input power it holds that the input power P, equals the input-referred IM2
power:

L1 7ot,26,0R 2043144
Inserting the input signal amplitude A%IPQ = P 1ip2Zo and solving for g results in

2 2
az = a o1 (.03162, (2.68)
2 Py 1ip2 Zo 21IP2w Zy \Y%

for a down-conversion gain of 0dBm (a3 = 1), a typical mixer IIP2 of +40dBm [40, 6],
and the network impedance Zy = 50€). By rearranging (2.68), the corresponding ITP2

in watts becomes )

Q
P2y = —5—. 2.69
W 20(%20 ( )
The mixer input-referred total IM2 power may be expressed by the input power P, and
the IIP2w value:

R ~ alZy  1IP2w

Finally, (2.70) leads to the input-referred IM2 power in dBm

pTot2e _ 1 protator _ 2034 P} (2.70)

P}{Eéﬁ%m = 2P aBm — [IP2gBm. (2.71)

The derivation of as from a given two-tone IIP2 value is required for the simulations in
Chapter 5 where a BB equivalent IMD2 interference in the time domain is generated.
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2.4 Quantification of the IMD?2 Interference

2.4.2 Modulated IMD?2 Distortion

In this section, the TxL signal induced IMD2 signal power is derived to be able to
bring it in relation with the two-tone IM2 power P{{g’% (2.71). As a first step we
need to understand the relationship between the RF TxL signal power PI;LF}’%L and the
corresponding BB equivalent TxL signal power Pgﬁ‘l’ at the mixer input (LNA output).
The RF TxL signal at the LNA output is

yBk A () =ALnaApaR { (285 (t) * K5 (1)] eﬂ“fot} : (2.72)
which has the power
X 1 X
Pn = Pagina = ?OE {yarixa(t)?}

1 { (ALNAAPAgce { [zBB(t) * higg(1)] eansztDQ}

" Z (2.73)
— liE‘ {A NAAPA‘xBB ) hTXL( )‘2}
2 Zo L '
=PaiiNa

It can be observed, that the RF TxL signal power is half of the corresponding complex
valued BB equivalent TxL signal power’. The total IMD2 interference signal at the
output of the mixer according to (2.58) (with twice the Tx signal BW and including the
DC) is

vBs 2 (1) = Q\ALNAAPAmBBm*hTXL()} . (2.74)

The resulting mixer OR IMD2 interference power becomes

1 Q@ « 2\ 2
PI{;[)BI;Od’OR =—F { (72 | ALna Apa zBB(t) * hgg (t)] ) }

Zlo (2.75)
- Z—O%E{’ALNAAPA pp(1) * his (t))] }
By using the identity

which holds for a scalar complex valued and zero-mean Gaussian distributed random
variable X [41, 42, 43], the OR IMD2 power becomes

ot,mo 1l « » 2
Pafra tOR = Z 22E{}ALNAAPA zpB(t) * hpj-(t)] } : (2.77)

" Assuming an RF TxL signal power of -7 dBm, the corresponding power of the complex BB equivalent
TxL signal is -4 dBm.
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At the input power P, rip2 (2.73), which has the value of the IIP2yy, the input power
equals the input-referred IMD2 interference power:
o1 PTot,mod,OR

Pinip2 = “ 2t 1MD2
aj

11 TxL (4 |2 a3 TxL /4r 12 2
QZT)E {ALNAAPA |zBB(t) * hp ' (t)] } = Qa%ZOE {‘ALNAAPA zpg(t) * hgy (t)] }
1 a3 1 Tl /o (2
—:——E{A A £) « WL (¢ }
70~ a? Zo |ALnaApa zBB(t) * hpi(1)]
=2P,, 1p2=211P2y
(2.78)
Rearranging (2.78) leads to the IIP2 value
IPay = %1 (2.79)
W 20[%Z0’ ’

which is exactly the same as in the two-tone signal case. The resulting mixer input-
referred IMD?2 interference power (with twice the Tx signal BW and including the DC)
which is generated by the modulated RF TxL signal becomes

Tot,mod
PIMD2 4Bm = QPgli“(,IfJNA — [IP24Bm- (2.80)

However, care has to be taken in simulations where the BB equivalent signals are used
instead of the RF signals. It is quite common [44]% to set the power of the BB equivalent
TxL signals to the power of the RF TxL signal (not scaled to twice of the corresponding
RF TxL signal power as stated in (2.73)). Then, the IMD2 signal power obtained in the
BB equivalent simulation corresponds to

plosed  — o(Plkxa — 3dB) — TIP2qp,

o (2.81)

Because the TxL signal is typically non-Gaussian distributed, the correction factor CFgist
is introduced which accounts for the violation of (2.76). The resulting IMD2 signal power
becomes

Phipaetm = 2Paiina — ITP24pm — 6 dB — CFg. (2.82)

The reduction of the total IMD2 power in case of non-Gaussian distributed Tx signals
(e.g. orthogonal frequency-division multiplexing (OFDM) or single-carrier frequency-
division multiple access (SC-FDMA) modulated) is summarized in Table 2.2. After
DC-, and channel-select filtering, the modulated IMD2 interference power is further
reduced by 6 dB if the total IMD2 signal spectrum with twice the Tx BW is assumed
flat and has half of the power at DC. If the spectrum is non-flat, which typically is the
case, the IMD2 power needs to be corrected by the factor CFg,; which leads to the final
estimate

Ppsase = 2Pl na — IIP2qpm — 12dB — CFais — CFhg (2.83)

8In this publication, the Tx signal induced IMD2 signal power is compared between a two-tone-, and
a modulated Tx signal. The modulated RF Tx signal power is set to half of the two-tone RF signal
power. This implies that the modulated complex BB equivalent Tx signal has the same power as the
two-tone RF signal (see Fig. 2 in [44]).
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2.4 Quantification of the IMD?2 Interference

Table 2.2: Reduction of IMD2 power due to non-Gaussian distributed TxL signal: Full
allocated 10 MHz Tx signal

SC-FDMA
] Tx distribution | Gaussian | OFDM | QPSK | 16QAM | 64QAM
| CFae(dB) | 0 | o0 ] o072 ] 051 | 048 |

of the DC-, and channel-select filtered IMD2 interference power. In [39, 45], the equation
P asm = 2PaFina — [TP2apm — CF, (2.84)

is used to estimate the DC-, and channel-select filtered IMD2 power, where the correction
factor CF is obtained by simulations and verified by measurements, but not derived in
detail as in (2.83). The estimated CF for W-CDMA Tx signals is 13.7dB and 15.7dB
in [39] and [45], respectively. The authors in [44] derived the ITP2 requirements for
4G handset receivers by using a combined correction factor of 11dB and 13.7dB for
10 MHz SC-FDMA (LTE) and WCDMA modulated Tx signals, respectively. It has to
be mentioned, that in [44] the ideal Tx signals are used? to obtain the correction factors.
With (2.83) it is possible to estimate the IMD2 power and thereby the resulting Rx
signal-to-interference-plus-noise ratio (SINR)

PRX
SINRdB = 1010g 0
1 PI’II\‘/?It),?od,CSF +P,

Tot,mod,CSF (285)

P, + P,
= PRrx,aBm — 10logy < Ll W )

when the Tx power increases. Assuming an Rx signal with -90 dBm with a signal-
to-noise ratio (SNR) of 10dB, an SC-FDMA LTE Tx signal with QPSK modulation
(CFgist = 0.72dBm), LNA gain of 20dB, an average duplexer isolation of 50 dB, mixer
ITP2 of +40dBm and using CFg,; = 0.67dBm (duplexer dependent), the resulting Rx
SINR with increasing Tx power may be estimated as summarized in Table 2.3. The
combined correction factor is obtained by CF = 12dB 4 CFgist + CFgat = 13.4dB.

Table 2.3: Drop of the Rx SINR due to the Tx induced IMD2 interference which is
generated by a fully allocated 10 MHz LTE Tx signal

| Pis(@Bm) [ o0 | 6 [ 12 | 18 | 23 |
ProtmedCSF (qpm) | -113.4 [ -101.4 | -89.4 | -77.4 | -67.4
SINR (dB) 9.99 | 9.96 | 952 | 5.5 | -2.84

9No frequency-selective duplexer Tx-to-Rx stop-band response is used to generate a TxL signal.
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2 Interferences in FDD RF Transceivers

2.4.3 11IP2 Characterization

The receiver IIP2 is characterized by using two cosine signals at the input of the nonlinear
mixer with the frequencies f; and f; of equal amplitude A and the combined power P, at.
The resulting total IMD2 power in dBm generated at DC, f; + fo2 and fo — f1 at the
output of the mixer can be calculated by Pﬁ:gg’% = 2P, o — I1IP2 [45]. Here, half of
the total IMD2 power falls to DC, and one quarter each to fi1 + fo and fo — f1. To
characterize the IIP2 in a zero-IF receiver, the frequencies f; and fo are chosen such
that fo — f1 falls within the CSF bandwidth. Thereby the power Pﬁc&;f ! at the frequency

fa — f1 is measured and the IIP2 is determined by 1IP2 = 2Py, o, — P25 — 6dB.

2.4.4 Severity of the IMD2 Interference

For modulated TxL signals, the BB IMD2 signal power is modulation dependent and
further reduced by the DC cancellation and channel-select filtering. Also the shape of
the duplexer stop-band frequency response has an influence of the resulting BB IMD2
signal power. All this factors may be considered in a combined correction factor as
shown in Section 2.4.2 [39, 44]. Although the DC-, and channel-select filtering in the
receiver reduces the IMD2 BB interference power by 6dB in the two-tone signal case
[45], and by about 13.4dB [7, 39, 44] in the case of modulated Tx signals, the left-over
IMD2 interference may lead to a severe SNR degradation of the wanted Rx signal in
reference sensitivity cases [3]. Assuming a transmitter power of 23 dBm at the antenna,
and an average Tx-to-Rx duplexer isolation at the transmit frequency of 50dB, the
TxL signal power at the input of the receiver is PRTlffL = 23dBm — 50dB = —27dBm.
After amplification with the LNA gain which is assumed as 20dB, the RF TxL sig-
nal power increases to ngéL = —7dBm at the input of the nonlinear mixer. The
ITP2 value of typical RF mixers is between 50dBm and 70dBm [46, 47]. Assum-
ing an IIP2 of 60dBm, the resulting BB IMD2 power with a fully allocated LTE10
QPSK modulated transmission and the determined correction factor of CF = 13.4dB
is Pop WTE = opTxl _[1P2 — CF = —87.4dBm [7]. In an LTEI0 reference sensitivity
case, the wanted signal power at the antenna can be as low as -97dBm [3]. The thermal
noise power within 10 MHz bandwidth is -104.5 dBm and the assumed receiver noise fig-
ure (NF) is 4.5 dB which results in a receiver noise floor at -100 dBm. After amplification
with 20 dB LNA gain, the wanted signal power is -77 dBm and the noise floor at -80 dBm
corresponding to an Rx SNR of 3dB. The SNR drops from 3dB to an SINR of 2.27dB
due to the IMD2 interference assuming an IIP2 of 4+60dBm. This may be examined
using (2.85). In case of a reduced IIP2 of 55dBm / 50 dBm, the SINR drops even fur-
ther to 1dB / -1.4dB, respectively. Table 2.3 summarizes the SINR drop with respect
to increasing Tx power levels for an I1P2 of 40 dBm, the Rx power level of -90 dBm
and the Rx SNR of 10dB. Fig. 2.12 depicts the spectrum of the frequency selective BB
equivalent TxL signal ygﬁL which generates the complex valued IMD2 interference yg\ém
by a coupling between the RF-to-LO terminals of the I-, and Q-path mixer. The total
received signal y%%t contains the wanted Rx signal yg]’_é) which is degraded by the IMD2
interference and the noise. Appendix A.1 provides a description of the y-axis scaling
(dBm/15kHz) which is used in Fig. 2.12.
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2.5 Modulated Spurs in Split-LNA Configuration

PSD (dBm/15kHz)

Figure 2.12: Equivalent BB spectrum of the frequency-selective Tx leakage signal ygEL

(the corresponding passband signal is located at fry) and the total received
signal yg%t after amplification with 20 dB LNA gain. The wanted Rx signal
with SNR =3 dB, and the receiver noise floor after amplification with 20 dB
LNA gain are at -77dBm and -80dBm =-108.2dBm/15 kHz respectively.
The total received signal contains the DC-, and channel-select filtered IMD2
interference for Ppy =23 dBm and an assumed IIP2 of 50 dBm.

2.5 Modulated Spurs in Split-LNA Configuration

As already described in Section 2.1.2, the modulated spur interference may be generated
by two mechanisms. The first mechanism occurs in inter-band CA scenarios where the
LO-LO cross-talk may create spurs which down-convert the TxL signal into the BB.
This section presents a BB equivalent model of the modulates spur interference which
is generated in an intra-band CA scenario where a split-LNA is used. Additionally, the
Tx/Rx phase-noise in combination with 25 % duty-cycle current driven passive mixers
in the receivers is included. The derived model is published in the journal [16] where
the pure digital and the mixed-signal modulated spur cancellation are compared. In this
publication it is shown that the mixed-signal approach using a serial-mixing approach is
able to cancel the modulated spur interference including the PN of the transmitter and
the Rx LOs. The latter is important because the combined PN of both involved Rx LOs
is included in the spur which down-converts the TxL signal. Fig. 2.13 depicts a simplified
transceiver block diagram including the duplexer which connects the transmitter and the
two receive chains with split-LNA to the common antenna. Both receivers are connected
to the same duplexer port and are therefore receiving data in the same LTE band. To
simplify the block diagram, only the 25% duty-cycle mixers without ADCs and CSFs is
depicted. In the following explanation it is assumed that receiver Rx1 is the aggressor
and Rx2 is the victim. This means that the modeling describes the modulated spur
interference in receiver Rx2.
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Figure 2.13: Modulated spur interference caused by the lack of LNA reverse isolation
and the harmonics of the 25% duty-cycle mixers in split-LNA configuration.

The dashed line indicates the coupling path of the Rx1 mixer (aggressor)
branches to the I, branch of the Rx2 mixer (victim).

The TxL signal is amplified by the Rx1 LNA and mixed by the four individual branches
of the 25% duty-cycle Rx1 mixer. Each mixer branch contains harmonics which are up-/
down-converting the TxL signal. This up-/ down-converted TxL signal is reflected back
to the input of the LNA because only the signal content which is mixed to the BB (the
Rx signal) experiences the impedance matching with the impedance Zppg. The reflected
signal leaks into receiver Rx2 where it is amplified by the Rx2 LNA and mixed into the
BB by an appropriate harmonic of LOo. Consequently, the TxL signal is down-converted
into the BB of Rx2 where it degrades the receiver performance. The presented modeling
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2.5 Modulated Spurs in Split-LNA Configuration

is carried out for 25% duty-cycle mixers [29], although the derivation may be easily
adapted for 50 % duty-cycle mixers. The derived model shows, that the equivalent com-
plex valued spur, which down-converts the TxL signal to the BB, has a gain-imbalance
due to the different coupling factors between each of the 8 mixer phases of the two 25%
duty-cycle CA mixers. Consequently, the modulated spur interference consists of a main
and an image interference in the digital baseband.

2.5.1 Phase-Noise Model of the 25% Duty-Cycle Mixer

To be able to derive a mathematical model of the modulated spur, a detailed spur model
including the jitter in the pulse duration and variations in the LO period is needed. The
Fourier coefficients ¢ of the 25 % duty-cycle mixer phase waveform py (t) (introduced
in Section 2.2, Fig. 2.5) with amplitude A including the jitter 2§ in the pulse duration
and the LO phase variation ¢r,0 are

1 Tro .
cp = Prs (t)e—Jk(ZWfLot-HOLo)dt
110 Jo

TLO/4+5 )

- Tio Ae~ k@ fLot+eLo) gt (2.86)
—0

1 1) . 1) .
= A |:4 —+ 2%:| G_JkZSiHC <k1- =+ k2771_‘LO> S_Jk@LO.

A detailed derivation of the Fourier coefficients ¢ including the PN may be found in
Appendix A.2. Allowing slow variations of  and 1,0, the Fourier coefficients including
amplitude- and phase-noise may be expressed as

1 o) ] _jur .. ™ o)\ —jk
Al 19N i Dy oM Jkero(t) 2.
cx(t) [4 + TLO] e /¥isinc (k4 +k ﬂ—TLO e (2.87)

The resulting model of the I+ phase in the 25 % duty-cycle mixer including amplitude-,

and phase-noise is
o0

Pre(t) = Y an(t)e’*Thor, (2.88)

k=—o00

The model for the I-,Q+ and Q- mixer phases of LO; and LOy are presented in Ap-
pendix A.2.

2.5.2 Spur Modeling

In a CA receiver including two receivers in split-LNA configuration, the coupling and
mixing between the I+ branch mixer waveform of aggressor LO;

[e.e]

pL01,1+ (t) = Z aml (t)ejm127l'fL01t (289)

mp=—0o0

with the I+ branch mixer waveform of LO2 (victim)

oo
pLOQ,I+ (t) — Z me (t)ejm22Tl'fL02t (290)

mo=—00
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2 Interferences in FDD RF Transceivers

corresponds to the equivalent spur ps, 14+ (t) = Y41+ - PLO. 1+ (t) - PLO 1+ (t) including
amplitude- and phase-noise in the I+ phase of LOy. Here 7141+ is the coupling factor
between the I+ phases of LO; and LOs. As a particular example, the local oscillator
fundamental frequencies fr,0, = 1940 MHz and fro, = 1980 MHz are chosen. Through
the coupling between the harmonics m; = 42 of LO; and mg = £1 of LO2, the real
valued spur

Pep+ (1) = Y114 |az(t)bi(¢)e??™ > + a3 (t)by (t)efmfspt}
v
= 271414 ap (L)) (t) - cos (27Tfspt — 2010, (t) + pLO, (t) — Z)

with fsp = 2fLo, — fLo, = 1900 MHz is generated in the I+ phase of LO2. Here, the spur
terms at the frequencies + (2fro, + frLo,) are neglected. Similar spurs are generated
through the coupling between all other mixer phases (I-,Q+,Q-) of the two involved 1Q-
mixers (in Appendix A.2 all coupling paths are derived). Combining all spurs which are
generated in the 16 coupling paths, an equivalent complex valued RF spur of the form

pep(t) = a5 ()b () K e~ 72t
+ ag ()b} (t) Kped 2 set

(2.91)

(2.92)

is generated with K1 = (114 7q) /2 and K3 = (11 — 7q) /2 which down-converts any
blocker signal located near fg, into the Rx2 BB. Here 1 and 7q are the resulting
coupling factors from LO; to the I-, and Q-path of LOs, respectively. The modeling
in Appendix A.2 shows that the spur can have a gain imbalance if 71 and ~q are not
identical. In the literature, this is known as IQ-imbalance [15, 36, 37]. If the transmit
frequency fry is close to the spur frequency fp,, the TxL signal is down-converted to the
receiver baseband resulting in a main and image interference which leads to a degradation
of the desired receive signal.

2.5.3 Modulated Spur with 1Q-Imbalance and Tx/Rx PN

The transmitter signal including phase-noise
zrr(t) = Apa R {wBB(t)ej (@nf T*H“"Txm)} (2.93)

leaks through the frequency-selective duplexer stop-band, which is modeled by the im-

pulse response h%’ﬁL(t), into the receiver. Here Apy is the power amplifier gain, the signal

xpB(t) = z1(t) + jzq(t) is the baseband transmit signal and ¢r«(t) the phase noise. The
resulting transmitter leakage signal is

YR (t) = wre(t) * hii- (1)

; 2.94
= ApaRt { [zBB(t) * hiyg-(t)] ea(2waxt+<pTx(t))} 7 (2.94)

and the total received signal at the output of the LNA with gain Arxa becomes
yrr LA (t) = ALna [yrE (1) + yRp(t) + vrr(1)] (2.95)

including the desired receive signal yia(t) and the noise vrp(t). The signal after the
mixer Tot _
yR%,mixer (t) = ALNA le)5 (t)psp(t)

. (2.96)
+ ArNa [y}%ii(t) + ’URF(t)] 67327rfL01t
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2.5 Modulated Spurs in Split-LNA Configuration

includes the desired receive signal, the noise, and the leakage signal which is down-
converted by the noisy spur with IQ-imbalance. Here, the cross-modulation terms e.g.
between the Rx signal and the spur, and the amplitude- and phase-noise in the down-
conversion of the desired signal are neglected. By using the identity

R {nelt} = % (ne?™ + n*e™I%) (2.97)

and assuming an anti-aliasing filter in front of the ADC which attenuates the mixer prod-
ucts in (2.96) which are outside the desired BB bandwidth, the total received discrete-
time baseband signal becomes!'®

n n

Y. whpllhsglln 1+ 2= D agpllhiy Lo - l]] # hs[n]
Ly

l=—00

yBis [n]

(2.98)

=yMS[n]...modulated spur interference (main + image)

ArNa [ Rx Bl

T yri[n] + vepn]] * hsln].

Here,

_ ApnaApa Ky

. - o f
) = PG [l o) o A e

(2.99)
is the time-variant BB equivalent Tx-to-Rx impulse response including the PN terms

and
A

a%pln] = [:UBB[n] ej%fsn} % hg[n), (2.100)

is a frequency shifted version of the transmit baseband signal with fa = frx — fsp. The
frequency f; denotes the sampling frequency and hs[n] is the impulse response of the
combined DC-cancellation and channel-select filter. The derived model shows, that the
modulated spur interference consists of a main and an image component reasoned by
the gain imbalance of the spur. Furthermore, it can be observed in (2.99), that the jitter
26 in the pulse duration of the 25 % duty-cycle waveform leads to an amplitude noise
in A% [n,l]. Whereas the PN of both LOs contribute to an equivalent PN of ht%[n,].
Both individual effects are finally leading to a time-variant impulse response h%;‘]gt [n,l]
which degrades the estimation of the impulse response by an adaptive filter and thereby
the cancellation of the modulated spur interference.

The author of this thesis contributed this section to the journal [16]. There it is shown
by the derived modulated spur model and also verified by using Matlab post-cancellation
using measured data that the pure digital modulated spur cancellation approach is not
able to cancel the PN. However, in this journal a mixed-signal modulated spur cancel-
lation concept is proposed. This approach mimics the spur generation mechanism by
using a serial-mixing approach where the real LO signals including their PN are used.
The proposed solution is able to cancel the modulated spur interference including the
Tx and LO;/LO2 PN and therefore outperforms the pure digital approach.

Due to the time-variant Tx-to-Rx impulse response hiy [n, ], the convolution in (2.47) changes to that

in (2.98).
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Interference Rejection

3.1 Introduction

As described in Section 2.2, the 25% duty-cycle current driven passive mixer is widely
used in modern RF receivers. It is preferably used in direct-conversion receivers and
low-voltage applications [29]. The RF output current igp of the LNA flows into the
four switching branches of the passive mixer and creates a differential I and Q BB volt-
age. Depending on the switching functions at the four transistor gates of the mixer, the
passive mixer has different properties. Traditional designs using 50 % duty-cycle gate
control signals suffer by an IQ cross-talk problem due to the overlapping ON-states of
the switches in the I-, and Q-branch. The conversion gain is also reduced because the
RF input current is divided into two branches [48]. To overcome this drawbacks, the
25% duty-cycle control scheme was introduced which offers a 3 dB higher conversion gain
and a reduced noise figure compared to the 50 % duty-cycle concept [29, 33].

A well known issue in square-wave mixers is the generation of harmonics in the mixer
branches [49, 50, 51] which lead to the down-conversion of unwanted spectral compo-
nents contained in the RF input current ¢gp. This down-conversion by the so-called
harmonic response of the mixer may lead to a degradation of the wanted signal.

This chapter presents a novel HR strategy for 25% duty-cycle current-driven passive
mixers. With this approach, the down-conversion of unwanted spectral content by the
mixer’s harmonic response may be significantly reduced.

Problem statement

Due to the design of wide-band analog front-ends in order to cover the high frequency
range used in LTE, blocker signals may reach the mixer input. These blocker signals may
be down-converted to the Rx BB through the harmonic response of the mixer thereby
degrading the wanted signal. Such a harmonic down-conversion for an LTE CA scenario
with two receivers and one transmitter is depicted in Fig. 3.1 (a). The carrier frequency
fro, of the PCC downlink receiver is coupled to the primary Tx frequency frx by the
duplexing distance. However, the carrier frequency fro, of the SCC receiver may be
located at any different frequency depending on intra/inter-band CA [3]. This may lead
to the harmonic down-conversion of transmitter harmonics which leak through the du-
plexer into the receiver. Assuming an LTE inter-band CA mode with the uplink PCC
in band 11 at fry = 1433 MHz, and the downlink SCC in band 8 at fro, = 955 MHz,
the 2" order Tx harmonic signal will be present at 2866 MHz. At the same time, the
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Figure 3.1: Down-conversion of the 2"¢ Tx harmonic by the harmonic response of the
mixer (a), and down-conversion of an in-band blocker signal by a spur which
is generated through a coupling of the two CA LO harmonics (b).

3'4 harmonic of the SCC Rx LO occurs at 2865 MHz which down-converts the unwanted
27d order Tx harmonic signal to the Rx BB. Rejecting the 3" harmonic content of the
Rx mixer LO signal would suppress the down-conversion of the Tx harmonic signal. In
Fig. 3.1 (b), the down-conversion of in-band blockers through spurs is depicted. Spurs
at the frequency locations fs, = £nfr0, £kfLo, for n,k € N may be generated by
device nonlinearities and the harmonics of the CA LOs [10]. An in-band blocker signal
which is located at the frequency fgr, ~ fsp is down-converted into the Rx BB where
it degrades the wanted signal SNR. E.g. consider an inter-band CA scenario with
fLo, = 942.5 MHz in LTE band 8 (925 MHz to 960 MHz) and fr0, = 806 MHz (band 20)
which is defined in 3GPP release 11. A spur which is created by the building law
fsp = —5fLo; + 7fLo, = 929.5 MHz falls within band 8 and down-converts the blocker
signal. If the 5'" harmonic of LO; or the 7! harmonic of LOs is rejected, then the down-
conversion of the in-band blocker would be suppressed. Similarly, if the spur frequency
fsp falls near the actual Tx frequency, the Tx signal which leaks through the duplexer
in the receiver is down-converted to the receiver BB. The digital cancellation of this
so called modulated spur interference is presented in [9, 10] and later in Chapter 4
of this thesis. However, with an HR approach which suppresses specific harmonics of
the LO signal the generation of such modulated spur interferences may be significantly
suppressed.

3.2 State of the Art

To avoid the harmonic down-conversion of unwanted spectral components several ap-
proaches can be found in the existing literature. In [52], a 33 % duty-cycle mixer for the
rejection of the 3" harmonic is proposed. The HR mixers proposed in [50, 51] use an
LO signal with suppressed harmonics by approximating the ideal sine wave by a 3-bit
amplitude-quantized signal as depicted in Fig. 3.2. The waveform is composed of three
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45° shifted square-wave signals which are weighted and added. While this LO signal re-
jects the 3'¥ and 5" harmonic simultaneously, amplitude-, and phase mismatches result
in a lowered suppression. In [49], this HR concept is used in IQ-transmitters, and in
[53, 54] for receivers. Higher order harmonics may be rejected by using more than three
mixer phases. E.g. by increasing the hardware effort to 5 mixer phases with 30° phase
shift between the square-waves suppresses simultaneously the 34, 50 7t and 9*h har-
monic [51]. The authors in [55] demonstrate a voltage driven HR mixer with 8 branches

y(»)
A ""W
04144 |- 1 b o
— . — ¢
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T
I
! -
I
I

Figure 3.2: Harmonic rejection strategy proposed in [49] by approximating the sine-wave
with an 3-bit amplitude-quantized signal. A simultaneous suppression of the
3™ and 5" harmonic can be achieved.

using 12.5 % duty-cycle and resistors to perform the amplitude scaling. This contribu-
tion describes an HR strategy, which modifies the waveform of an 25 % duty-cycle mixer
to suppress specific harmonics by maintaining its advantages. By inserting gaps and
adding pulses at specific positions within the 25 % duty-cycle waveform harmonics are
suppressed. At the same time the beneficial property of no overlapping ON states of the
switches is maintained which minimizes IQ cross-talk. A big advantage of this approach
is that no weighting and summation of RF signals as needed in [51, 56] is required to
realize the rejection of harmonics. Furthermore, only one transistor is needed in each of
the mixer phases I, I, Q4+ and Q_.

3.3 Proposed Harmonic Rejection Control Signals

The harmonics in the mixer switch control signals cause the down-conversion of un-
wanted interferences into the BB. The proposed harmonic rejection strategy suppresses
specific harmonics by inserting gaps and pulses into the control signal by maintaining
the constraint that at each time only one of the four branch switches is turned ON.
Thereby no IQ crosstalk occurs. Due to the absence of any reverse isolation in passive
mixers, the low-Q BB impedance is transformed into a high-QQ RF band-pass filter seen
from the RF input side [33]. Because of this reason, at any time at least one switch
should be turned ON in order to provide a constant impedance seen from the RF input.
By maintaining these constraints, the two proposed switch control waveforms A and B
are developed.
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3.3.1 Proposed Waveform A

In Section 2.2 the Fourier coefficients of the 25% duty-cycle control signal of the I+
phase was derived as (see (2.3))

1 (Mo k2 fLot
k= —— pry (t)e IFeTILotqt
Tro Jo
1 2

= o [ pr(e)e Mg 3.1)

A =
= Ze_Jstinc <kg) .

It may be observed that the Fourier coefficients c; are unequal zero for even and odd
harmonics k. However, due to the differential implementation of the IQ mixer the even
harmonics cancel each other out. But the odd harmonics are still present and lead to
the down-conversion of unwanted spectral components. In the proposed waveform A
(Fig. 3.3), a gap in the middle of the 25% duty-cycle pulse, and a pulse at the offset of 7
with the same width 0 is inserted. With careful selection of the width d, a specific odd
harmonic in the control signal may be rejected. The Fourier coefficients of waveform A

Oh A 5 A J
' |
/4 ~----"m 5mw/4 S---"721
A
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Figure 3.3: Mixer control signals using the proposed waveform A in a 25% duty-cycle
mixer to reject specific harmonics.
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3.3 Proposed Harmonic Rejection Control Signals

can be composed by using the Fourier coefficients

§0c+é .
Ci (e, A) = 1/ 2 Aefjksodgp
©

2T St (3.2)
= %e_ﬂwcsinc <k§>

of a single periodic prototype pulse centered around the angle . with the width A and
the constant amplitude A. Thereby, the Fourier coefficients of the I+ control signal

using waveform A with A =7 — g, Pe1 = %, Pe2 =5 — % and @3 = ‘%r are
A L2y ik
RO =5 [ e
T Jo
= CZ (506,17 A) + CZ (908,27 A) =+ CZ (900,3a 5) (33)

A x T A A )
_ A kT T A . A vk 9
5-¢ 1 [2Acos (k: <4 2>> sinc <k 2) + 9 (—1)"sinc <k2>] :

To reject a specific harmonic r in waveform A, the nonlinear equation
A
|2 (8)] =0 (3.4)

needs to be solved which leads to

2c08 (7‘ (Z - ?)) sin (r§> +(—1)"sin <rg> = 0. (3.5)

The required gap/pulse width 6 can be derived by using the trigonometric identity

cos (a) sin (8) = % fsin ( + ) — sin (@ — B)] (3.6)

in (3.5) which leads to the nonlinear relationship

sin( 5) _ () (3.7)

) T 1oy

The differential implementation of the mixers requires only the suppression of odd har-
monics which leads to 1 — (—1)" = 2. Due to the periodicity of the sine function, the
solutions of (3.7) have the form

oA = % [(—1)msin1 <;sin ({)) + mﬂ] (3.8)

for m € Z, where only the solutions with 0 < § < 25% are of interest. The gap/pulse
width 62 to reject the odd harmonics using waveform A in each of the four mixer control
signals is summarized in Table 3.1. The down-conversion of the wanted Rx signal occurs
with the fundamental cf‘ (6{?) which may be reduced by using the proposed HR strategy.
The relative reduction of the fundamental Fourier coefficient compared to the ordinary
25% duty-cycle scheme is included in Table. 3.1. The resulting complex valued BB
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3 Interference Rejection

Table 3.1: Harmonic rejection with waveform A

Rejected 7" harmonic | 62 in % of duty-cycle %
3rd 3,83 % -3.61 d]%B
5th 22.30 % -1,68dB
7th 15,93 % -8.94dB
oth 9,83%, 23.5% -17dB, -0.88dB
13%h 14.5% -12.24dB
150 20.76 % -2.88dB

voltage (see (2.8))

upg(t) = upB1(t) + juss,q(t)

S (K2 fuot—k (3.9)
= 4’iRF(t) Z C;Ce_okj< mfrot— Z) *ZBB(t)

k=1
kodd
k#r

using the HR strategy with waveform A does not contain the r** harmonic response
anymore. As a consequence of that, the * harmonic response of the mixer is removed
and the down-conversion of unwanted spectral components within igp(t) at the frequency
r - fLo is suppressed.

3.3.2 Proposed Waveform B

To avoid narrow pules and gaps which may be limited by the rise-, and fall-time of the
control signal edges, waveform B depicted in Fig. 3.4 is proposed. During the period
where non of the switches is turned ON, a fifth switch is needed in the IQ mixer which
terminates the LNA output current to the BB impedance. This is needed to maintain
a constant mixer input impedance seen from the LNA output current. The Fourier
coefficients of waveform B are

1 2m .
R0 =5 [ oo

=& (pe1, A) + & (e, A) (3.10)
= %e_jkgcos (k: (W — A)) sinc <k:A) ,
T 4 2 2

P (5)] =0 (3.11)

and by setting

for a specific harmonic r the nonlinear equation
0 T
i — | =si — 3.12
sin (r2> sin <r 4) (3.12)
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3.3 Proposed Harmonic Rejection Control Signals

is obtained. Solving (3.12) leads to the multiple solutions

6P =

=N

[(—Dm rg + mﬂ] (3.13)

for m € Z, where only the solutions with 0 < § < 25% are of interest. The required gap
widths to reject specific harmonics using waveform B are summarized in Table 3.2. With
the duty-cycle of 8.33 %, the 3™, 9™ and 15" harmonic are suppressed simultaneously.

p?—f—((p) A 5 A
doiy -]
/4 ----T 7w br/4 S---- 727
B
pQ+(<p)| o 274 harmonic
Rl 3n/4 m ---- T[4 2w ----
PE(p) 5
//’—I‘\\\ N /|/’ _:5\\\ N /://’_5\\\ 90
/4 “~---"7m bi/4 S---7 727
Po-(¢) 5
N - _’_‘ - v
- o - --
T=1/fro

Figure 3.4: Mixer control signals using the proposed waveform B in a 25% duty-cycle
mixer to reject specific harmonics.

Table 3.2: Harmonic rejection with waveform B

Rej th : . cB (67]?’)
ejected r*™ harmonic | § in % of duty-cycle -

3rd 8,33 % -3.96 d]%B

5th n.a. n.a.

7th 17,86 % -12,12dB

9th 2.77%, 8,33 % -1.14dB, -3.96dB

13th 9,62 % -4,74dB

15th 8,33 % -3.96dB
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3 Interference Rejection

3.4 Circuit Simulation Results

The proposed HR strategy using waveform A and B is evaluated using a circuit sim-
ulation using the Virtuoso platform from Cadence which involved a 28 nm technology
package. The simulation architecture is visualized in Fig. 3.5, where the LNA is im-
plemented as a transconductance amplifier (TCA) (voltage-to-current converter) which
drives the succeeding 25% duty-cycle current driven passive mixer. The RF signal is
down-converted by the mixer, filtered by the anti-aliasing-filter (AAF) and digitized by
the ADC. For the simulation, the receiver was configured for the reception of 10 MHz
LTE signals in band 8 at fro = 955 MHz. For Fig. 3.6, waveform A and B are con-

e .
’ - I-br. m( h 3
i = ! Q- br anch ...z"':-'. . ,
TxHz e [P et '. R SE e
/\ s LNA GG mixer S GAAF ~TADC
2fre =3f0 ®% > % IR D[ 0
e )

..............

Galn of harmomc

0 down-conversion "
¥ .

Multiphase| ™
Generator

Figure 3.5: Circuit simulation setup.

figured to reject the 3'4 harmonic in a 25% duty-cycle current driven passive IQ mixer.
At the LNA input a 10 MHz blocker signal is inserted at the frequencies k - fr,o and
the resulting BB signal power with and without using the HR was evaluated. The BB
power P,f /B using waveform A and B, which is a result of the harmonic down-conversion
with the k' harmonic is normalized to the BB power P125% (down-conversion with the
fundamental of the ordinary 25% duty-cycle mixer). It can be observed that the fun-
damental amplitude (k = 1) is reduced by about 4dB when HR is activated. However,
the down-converted power at the third harmonic response (k = 3) is reduced by 30.5dB
when the HR feature is used. With waveform B, simultaneously the 9*" harmonic is
reduced by 12.8dB. In Fig. 3.7, waveform A and B are still configured to reject the
3" harmonic response of the mixer which is at 2865 MHz. At the input of the LNA a
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Figure 3.6: Rejection of the 3" harmonic with waveform A and B. The gain of each
harmonic down-conversion is normalized to the gain of the original 25% duty-
cycle waveform (without HR).

Tx related blocker signal at 2866 MHz was inserted which corresponds to the 2" Tx
harmonic. The transmitter therefore operates in band 11 at fpy = 1433 MHz. This
scenario is visualized in Fig. 3.1 (a). The pulse/gap width ¢ is varied and the influence
on the blocker suppression is evaluated. An increased relative suppression of 30.5dB
and 30.4 dB is achieved compared to the ordinary 25% duty-cycle mixer for the optimal
values of . Due the finite rise and fall times of the control signals in the circuit simu-
lation, the optimal value of ¢ differs slightly from the value presented in Table 3.1 and
3.2, respectively. Deviations of the optimal value lead to an increased harmonic response
of the mixer and therefore to less suppression of the blocker. It can be observed that
waveform B is less sensitive to small variations in §.

et

—e— without HR
—4— Waveform A

gz Waveform B |
1 L 1 L 1 L 1 L 1 L 1 L I - -

2 4 6 8 10 12 14 16
5 (%)

Figure 3.7: Normalized third-order harmonic rejection of waveform A and B, respec-
tively, with variations in 6.

The same 2! Tx harmonic scenario is used in Fig. 3.8 which shows the NF of the
receiver depending on the blocker power at the LNA input. With enabled harmonic
rejection the NF can be significantly improved compared to the ordinary 25% duty-cycle
mixer without HR.
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Figure 3.8: Blocker power dependent NF of the receiver.

At the blocker power of —5dB, the NF can be improved by about 21 dB with both pro-
posed waveforms.

The presented HR strategy with inserting gaps and pulses into the ordinary 25% duty-
cycle waveform has been patented by the industrial partner and resulted in the U.S.
Patent [57] which was granted in March 2018.
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Adaptive Interference Cancellation

4.1 Introduction

This chapter deals with the digital cancellation of the modulated spur interference by
adaptive filtering. As a starting point, adaptive filtering in the context of interference
cancellation using BB equivalent complex valued signals and systems is introduced in
Section 4.2. Motivated by that, the Wirtinger derivatives [24, 58] will be recapitulated
in Section 4.3 which are used in the derivation of the complex valued LMS,- and RLS
algorithms in Section 4.4 and Section 4.5, respectively. As derived in Chapter 2, the
modulated spur interference may be generated by LO-to-LO crosstalk in inter-band CA
scenarios, or by the use of a split-LNA in intra-band CA scenarios. The main novelty
of this chapter is the derivation of a widely-linear [58] adaptive filter structure in Sec-
tion 4.6 which is applicable for both cases. An additional contribution of this chapter
is the performance evaluation of four adaptive filter algorithms for modulated spur can-
cellation with respect to their convergence! time and steady-state performance. At the
time when this PhD work has started no literature regarding the pure digital cancella-
tion of the modulated spur interference was available. The modeling of the modulated
spur interference, and the performance evaluation of the algorithms have been presented
in [9] and [10].

4.2 Basic Adaptive Filter Structure

An adaptive filter is a self-adjusting filter, with a dedicated algorithm to update the filter
coefficients, to be able to react to changes of the unknown environment. The impulse
response of an unknown system may change due to environmental influences. In the
context of adaptive interference cancellation in RF transceivers, the unknown system is
the Tx-to-Rx transmitter leakage channel which may change over time due to tempera-
ture drifts and/or a time varying antenna impedance mismatch. This leakage channel is
mainly determined by the duplexer Tx-to-Rx stop-band frequency response which may
be heavily frequency-selective. In contrast to system identification applications where
the impulse response of the unknown system is estimated, interference cancellation appli-
cations focus on the estimation (or more precisely reconstruction) of the output signal of
the unknown system. In the RF transceiver context, the estimated/reconstructed signal
is the BB receiver interference caused by the TxL signal. This means that the receiver

!Gradient-based adaptive filters converge only in the mean because the noise influences the gradient.
Consequently, when the filter reaches its steady state, the coefficients fluctuate around their optimal
values [58].
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4 Adaptive Interference Cancellation
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Figure 4.1: Adaptive interference cancellation in the digital BB of the transceiver.

is desensitized by self-interference of the transceiver’s own transmit signal which implies
that the interference signal is a function of the known transmit BB samples. The update
of the adaptive filter coeflicients is based on the underlying performance criterion which
is usually a convex cost function. This performance criterion is a function of the error
signal e[n] which is the difference between the estimated filter output and the desired
signal. The cost function is minimized by adjusting the coefficient vector w(n] [59].

Fig. 4.1 shows the basic adaptive filter structure for the self-interference cancellation
in the digital BB. The Tx-to-Rx response represents the BB equivalent response of the
involved RF impulse response experienced by the TxL signal. Therefore, the adaptive
filter estimates the BB equivalent Tx-to-Rx response by updating the vector w[n|. Ac-
cording to that, all involved signals in Fig. 4.1 are BB signals. In this work the notations
yptn] or d[n] are used for the desired signal which is the total received signal of the
receiver including the wanted Rx signal, the noise, and the self-interference. The BB
self-interference signal y[n] adds to the wanted Rx signal yi%[n] which is received by the
antenna and the noise vgp[n]. The estimated self-interference signal g[n] is subtracted
from the total received signal y£%[n] to form the error signal e[n] which contains the
wanted Rx signal and the noise and should be interference free in the ideal case. The
error signal and the known BB transmit samples zpg[n] (z[n]) are used in the adaptive
algorithm to update the filter coefficient vector w[n]. The adaptive signal processing in
the digital BB of the transceiver implies that complex valued signals and systems are
involved. Due to the nature of SC-FDMA BB transmit signals [60], the BB transmit
samples xpp[n] = x1[n] + jrq[n| are complex valued. Furthermore, the reception of RF
signals using an IQ-mixer as e.g. the 25% duty-cycle passive mixer which was introduced
in Section 2.2 creates an in-phase and quadrature-phase signal which are combined to

the complex receive signal yL%[n].

The adaptive algorithm minimizes a real valued cost function J with respect to the
coefficient vector w. In LMS-based algorithms, this is usually achieved by updating the
complex valued filter coefficients w(n| iteratively using the derivative of the cost function
[68]. Therefore a complex derivative of a non-holomorphic (non-analytic) cost function
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4.3 Complex Derivatives

is needed. For this special case, the Cauchy-Riemann equations are not fulfilled and
consequently the traditional complex differentiation is not applicable. Because of this
reason, the Wirtinger Calculus [58] is discussed in Section 4.3 which introduces gener-
alized complex derivatives of non-holomorphic cost functions, which exist whenever the
cost function is real-differentiable.

4.3 Complex Derivatives

4.3.1 The Cauchy-Riemann Equations

The standard approach for complex differentiation is based on the Cauchy-Riemann
equations. Let

fw) = fr+ifi (4.1)

be a complex valued function f : CM — C. The function f can be interpreted as a
function g : R*™ — R? where the first coordinate represents the real part and the
second the imaginary part of f:

f=f+ifi—g= m (4.2)

The function f is complex differentiable in the standard sense if and only if g is totally
real differentiable and the Cauchy-Riemann equations

afT(WT’Wi) o afl(wrawl)
8Wr B 8wl
ofi(w,, w;) _ _8fr(wr7wi)

8W7« an

(4.3)

hold [58]. If a function f on an open domain is complex-differentiable for every w in the
domain it is called holomorphic (analytic).

4.3.2 Adaptive Learning Algorithms

In statistical signal processing, a suitable objective (cost) function J(w) which is a func-
tion of the coefficient vector w is either numerically or analytically minimized. For real
valued adaptive filters, this optimization problem is easily understood. The minimiza-
tion may be done by updating the length M coefficient vector w[n] by e.g. the stochastic
gradient algorithm [61]

win] = wn — 1] — uVwJ[nl, (4.4)
where
J(w)[n] = €*[n] (4.5)

is the real valued cost function J : RM +— R, and V.J[n] the gradient with real valued
elements. However, as discussed in Section 4.2, adaptive filtering in the equivalent BB
requires the minimization of a cost function J : CM — R because the BB equivalent
signals and systems are in general complex valued. This type of cost function is not
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4 Adaptive Interference Cancellation

complex differentiable in the standard sense because the partial derivatives

oJi(wr, w;)
8Wz‘ =0

oJi(wr, w;)
ow,. =0

both vanish and therefore the Cauchy-Riemann equations (4.3) do not apply. Conse-
quently, to be able to derive adaptive learning algorithms which operate in the equivalent
BB, a different way to derive an update equation as in (4.4) has to be found.

4.3.3 Wirtinger Derivatives

We will now discuss the differential change of g and f, respectively which gives mo-
tivations for the definition of the gradient of f as well as for the so-called Wirtinger
derivatives. The Jacobian matrix of g becomes

(4.6)

ow, Ow;

Ofr Ofr

and the differential change of the function due to a change of the coefficients becomes

Ofr Ofr
dg = dfr = | 9wr OWi dwy . (4.7)
d] = | B |aw,

Bwr an

Switching back to the complex valued function, this leads to

Ow, dw, + a—widwl + Fw, dw, + j Ow,

df = df, + jdf; = dw;, (4.8)

and with the variable swap

(4.9)

we obtain

O | ;01 <ng +j8fi)]dw (4.10)

ow, ow, Wi ow;

1
2
+2|:8W +]8w +‘7<3W +‘]8 >] dw
1
2

r Wi

1] 0f . Of
2 l:awr —H(?Wi]

2
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4.3 Complex Derivatives

Motivated by (4.10), the Wirtinger derivatives (4.11) (R — derivative) and (4.12)
(R* — derivative) may be defined as

of(w,w*) 1] 0f COf
A - 4.11
ow 2 | Ow, ]awi ( )
. Oftw.w') _1[0df . of
W, W
—_ = ] 4.12
ow* 2 |:8W7~ +]8wi] (4.12)
which results in the form [62]
* * dW
*\ __ | Of(w,w of (w,w
df (w,w”") = [ (rw?)  Bfiwsy )] [dw*] (4.13)
Vwf
where Vy, f is the gradient. When f is holomorphic (analytic), then the R* — derivative
vanishes. Furthermore, the R — derivative is equivalent to the standard complex

derivative in that case. As a consequence, all functions f which are real differentiable
and independent of w* are analytic [58].

When we search for local extrema of a real valued function f, we search for points
with Vi f = 0. However, for real valued cost functions? J : CM +— R, the imaginary
part of the cost function J; = 0. Consequently, the Wirtinger derivatives (4.11) and
(4.12) become

oJ(w,w*) 1] aJ jaJ_
ow T2 | ow, ow;
- : 4.14
_ 1o o (4.14)
-2 | Ow, jﬁwi_
and oJ(w,w*)  1[dJ,  9J]
W?W _ T . T
ow* 2 | oW, +‘78wi_ (4.15)
which results in the identity
aJ(W,W): oJ(w, w*) ' (4.16)
ow ow*

Therefore, for a real-valued cost function J, the following three conditions are equivalent
[62]:

VWJ:O@a—J:O<:> 0J =0 (4.17)
ow ow*

4.3.4 lterative Minimization of a Real Valued Cost Function

For real valued cost functions, the differential change in the cost function (4.13) becomes
_ oJ(w,w )dw—i— oJ(w,w )dw*
ow ow*

_ 8J(w,w*)dw+ (&](w,w))*dw*
ow

dJ(w,w")

o (4.18)

:gm{aJWhW>dw}'
ow

2Here, J is a real valued non-holomorphic cost function.
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4 Adaptive Interference Cancellation

In case of an iterative minimization of the cost function J, we seek for the greatest
reduction dJ(w, w*) between consecutive iterations. The maximum real valued change
dJ(w,w") is given when the scalar product in the last line of (4.18) is maximized. This

* * *
is achieved when dw is a scaled version of [%] and therefore of % [58, 63]

having in mind that J(w,w*) is real valued. To get the highest sensitivity of changes
in the cost function it is therefore favorable to move towards the R* — derivative (4.15)
such that the coefficient update for the stochastic gradient algorithm using the Wirtinger
Calculus becomes [24, 58, 64, 65]

(4.19)

J(w,w*)]"
ow* '

W[n]:w[n—l]—Qu[

4.4 The Least-Mean-Squares Algorithm

The traditional LMS algorithm may be derived from the Wiener solution [59, 61] by
minimizing the mean-square-error (MSE) cost function

J (wyw*) = B {le[n)’}

= E{dd"} —E{dxH}w* —E{d*xT}w+wTE {xxH}w* (4.20)

=02 —rTw* —rf!

W+ W Ry W™

where d[n] is the desired signal, x[n] = [z[n], z[n — 1],...,z[n — M + 1]]7 the delay-line
input signal vector, w the length M coefficient vector, e[n] = d[n] — x” [n]w the error,
r = E{dx*} is the cross-correlation vector and Rxx = E {xx} the autocorrelation
matrix. The obtained cost function is dependent on w* and therefore not analytic.
Using the Wirtinger derivative, we get

[aavi*r =~ (r = Ryuw), (4.21)

and setting the derivative to zero results in the Wiener solution
-1
w=(RL) T (4.22)

The optimal coefficient vector may also be obtained iteratively by the steepest descent
method

a7 1"
8w*}
=wn—1]+2u(r—RLwn-1]).

wn]=wn—-1]-2u [ (4.23)

The LMS algorithm operates iteratively on a sample basis by approximating the cross-
correlation vector and autocorrelation matrix by their instantaneous estimates. The
approximations r ~ d[n|x*[n] and RL, ~ x*[n]xT[n], lead to the LMS algorithm

wn] = wln —1] — 24 (d[n] + ]XT[H]W[H ~ (4.24)

= wln — 1] + 2 pe[n|x*[n
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4.4 The Least-Mean-Squares Algorithm

where e[n] = d[n] — g[n] is the error between the desired signal d[n] and the estimated
signal §[n] = x”[n]w[n — 1], and p the step-size. The same result is obtained if the
instantaneous cost function

J (w,w") = le[n]|?

= d[n]d*[n] — d[n]xH [n)w*[n — 1] — d*[n]xT [n]w[n — 1] + w! [n — 1)x[n]x [n]w*[n — 1]

(4.25)
is minimized iteratively. Using the Wirtinger Calculus we get
aJ r T
Y = (—d H Tr., 1 H
ey | = (] Ao )
= —¢[n]x"[n],
which leads to the LMS coefficient update
aJ 1"
= —1—2py|l—
win] =win —1] a |:8W* [n — 1]] (4.27)

= win — 1] + 2 pe[n]x*[n].

The Normalized Least-Mean-Squares Algorithm

Normalization improves the convergence speed?® of adaptive learning algorithms and
provides step-size bounds to maintain stability of the algorithm. In the following, two
normalization methods for the LMS algorithm are demonstrated:

Lets assume that the desired response is generated by d[n] = x[n]wq + ¢[n], where
g[n] is complex white Gaussian noise with zero mean and wq the optimal coefficient
vector. The coefficient error vector v[n] = wln| — wy

v[n| = v[n — 1] — 2 ux*[n|x[n|vn — 1] + 2 pgn|x*[n] (4.28)

can be derived by inserting e[n] = d[n] —x' [n]Jw[n—1] in (4.27) and subtracting wq from
both sides [58]. Applying the statistical expectation operator on both sides of (4.28) and
assuming that g[n] and x*[n] are statistically independent we obtain

E{v[n]} = I =2pE{x"[n]x[n]}) E{vin — 1]}

= (I-2uRL) E{v[n —1]} (4.29)
which leads to the step-size bounds [58]
O<pu< = = ! < ! .
trace (Rxx) J/E {|a:[n]|2} Ao (4.30)

Here, Amax is the maximum eigenvalue of the autocorrelation matrix Rxx, M the length
of the coefficient vector w and z[n] the input signal. Incorporating this result for the
step-size bounds into the LMS algorithm (4.27), we obtain the normalized coefficient
update

poe[n]x*[n]

3With convergence speed, the speed of error reduction in the mean square sense is meant.

(4.31)
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4 Adaptive Interference Cancellation

with the step-size bounds 0 < g < 2.

The second normalization approach can be used for linear and nonlinear adaptive al-
gorithms and is based on [66]. In LMS-based algorithms, the a priori error signal
e[n] = d[n] — xT[n]w[n — 1] is used to update the filter coefficients. Step-size bounds
to maintain convergence of the LMS algorithm (4.27) may be derived by analyzing the
relationship between the errors e[n] and e[n + 1]. For that we expand the instantaneous
error by a first order Taylor series expansion. However, as in [66] we use only the ex-
pansion of the error with respect to the weight vector which is the driving term of the
algorithm. The first order Taylor series expansion results in

Oeln|
1] =~ _— .
e[n + 1] = e[n] + Fwln 1] Aw|n], (4.32)
where Aw[n| = 2 pe[n]x*[n]. It has to be pointed out that the term e[n] is analytic

(holomorphic) and therefore the standard complex derivative with respect to wln — 1] is
used to derive the first-order derivative (see page 9 in [67]). The first-order Taylor series
expansion therefore becomes?

eln+1] ~ (1 — 2 ux" [n]x[n]) e[n]. (4.33)

To maintain convergence [66] of the adaptive filter, the condition
11— 2px"[n]x[n]| < 1 (4.34)
has to be fulfilled. To guarantee the condition (4.34), two cases have to be considered:

1. 1—2uxfn)xn] <1

which leads to u > 0 and
2. 1—2pux"n]x[n] > —1

1

which results in p < A

Combining both limits gives

0<p<—x (4.35)

x"[n]x[n]
which can be seen as a sample based approximation of (4.30). Including the factor
2 in (4.27) into the step-size limits, the final normalized least-mean-squares (e-NLMS)
algorithm [61] with the regularization parameter e becomes Algorithm 1. The small
positive-valued real regularization parameter € is used to prevent possible instabilities
when |x[n]|§ is very small and may be chosen as e.g. ¢ = 0.001.

4Here, the identity x” [n]x*[n] = x™ [n]x[n] is used.
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Initialization:
O<pu<?2
e>0
w[-1]=0

for n=0,1,2... do
gln) = xT [nlwln — 1]
e[n] = d[n] — g[n]

weln]x* n]

wn] = win — 1]+ Zorpng

end
Algorithm 1: The complex valued e-NLMS algorithm.

4.5 The Recursive Least-Squares Algorithm

In the following derivation of the RLS algorithm, the conjugate coefficient vector is used
in the estimated output signal §[n] = x*[n]w*[n — 1]. Without this small modification,
the estimated inverse autocorrelation matrix P = R~ would appear transposed in
the final RLS algorithm. This is avoided to keep the analogy to the real valued RLS
algorithm. The least-squares cost function up to the time index n using the forgetting
factor 0 < A <1is

n

Jusln] =Y A" |dfi] — x"[i]w*[n]|
=0

2

= SN [l (i) — dli)x [ijw(n] — d*[i]xT [ilw* [n] + x" [i]w* [n]x" [i]wln] -
=0

(4.36)
The R* Wirtinger derivative becomes®
T n
[g‘v]:fm] = > X [=d*[i]x[i] + x[i]x" [i]w(n]], (4.37)
i=0
and setting it to zero leads to
; A [x[i]xH[i]| win] = ; NV [d* i)
2 [l wn] = 3 A Gl 038)

R[n]w[n] = r[n]

using R[n] = Y1 ) A"~ [x[i]x[i]] and r[n] = Y1 ( A"~ [d*[i]x[i]]. Note the difference
between the matrix R[n] and Rxx = E {xx} which is used in the derivation of the
Wiener solution. Reformulating the above equation gives

w(n] = R™[n]r[n] = P[n]r[n] (4.39)

which may be solved recursively. Expressing the vector r[n] by its previous estimate
r[n — 1], the recursive estimation

r[n] = Ar[n — 1] + d*[n]x[n] (4.40)

®Because we seek for the minimum of an LS cost function using n samples, both Wirtinger derivatives
can be used here.
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is obtained. Similarly, the matrix R[n] is updated recursively using

n—1
Rn] = A AN x[i]x [i] + x[n]x"[n]
=0

(4.41)
= AR[n — 1] + x[n]x[n].
Using the matrix-inversion lemma [68]
(A+BCD) '=A'-A'B(C'+DA'B) 'DA"! (4.42)

the matrix P[n] = R~ ![n] with A = AR[n — 1], B = x[n], C = 1 and D = x[n]
becomes

1 1pn — 1]x[n] 1
Pln| = XP[n —1] - = %/\XH[n]P[n ] XH[H]XP[” —1] is)
_ % (Pn — 1] — K[nJx" [n]P[n — 1])
where the gain vector is
B P[n — 1]x[n]
kil = T Pl — ) (444)
Reformulating (4.44) leads to
k[n] = P[n|x[n]. (4.45)

The recursive update of the coefficient vector w(n| is obtained by inserting (4.40), (4.43)
and (4.45) into (4.39). This leads to the coefficient update

wn] = Plnr[n]
= P[n] (Ar[n — 1] + d*[n]|x[n])
= A\P[n]r[n — 1] + d*[n]P[n]x[n]
=\ (iP[n —1] - k[n]xH[n]iP[n - 1]) v — 1] + d* [n]k[n] (4.46)
= wln — 1] + k[n] (d[n] — x" [n]wln — 1])
= wln — 1] + e*[n]k[n].

The final RLS algorithm is summarized in Algorithm 2.
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Initialization:
P[-1] =vIwithv >0
0<A<1
w[-1]=0

for n=0,1,2... do
i) = x [n)w*n — 1
e[n] = d[n] — g[n]

. P[n—1]x[n]
k[n] = M xA[nPn—1]x[n]
P[n]

% (Pln — 1] = k[n}x" [n]Pn — 1])
dw n] = wn — 1] + e*[n]k[n]

Algorithm 2: The complex valued RLS algorithm.
4.6 Modulated Spur Cancellation

In this section, the pure digital modulated spur interference cancellation using the de-
rived complex valued e-NLMS- and RLS algorithm is presented. As discussed in the
previous chapters, the modulated spur interference may be either generated by LO-LO
cross-talk in inter-band CA (Section 2.3.4), or the split-LNA configuration in intra-band
CA (Section 2.5). In both cases a main and image modulated spur signal component
may appear in the digital BB which disturbs the wanted Rx signal. Fig. 4.2 depicts the
block diagram of an LTE-A FDD transceiver employing downlink CA with two receivers
and one transmitter. The duplexer connects the Tx and Rx paths to one common an-
tenna. Typically the Tx-to-Rx stop-band attenuation provided by the duplexer is around
50dB [4]. However, the TDK band 5 duplexer [28] used in our investigations atten-
uates the Tx signal by about 63dB at the transmit frequency fryx = 831 MHz before it
leaks into the Rx path. The magnitude response of the duplexer obtained by a 4-pole
S-parameter measurement is shown in Fig. 2.1. It can be observed that the Tx-to-Rx
stop-band response is heavily frequency-selective. The Tx-to-Rx leakage channel is de-
pendent on the antenna impedance mismatch and therefore time-variant. Because of
this reason an adaptive interference cancellation technique is chosen. The content of
this section without spur IQ-imbalance is published in [9].

In the following example configuration we assume a DL inter-band CA case with LTE
band 5 and band 12 with the receiver frequencies at fryx1 = 876 MHz, frxo = 738 MHz,
and the transmitter UL frequency at fry = 831 MHz. In this example, we assume a spur
generation law according to

fip = 6fRx1 — 6fRx2 = 6 - 876 MHz — 6 - 738 MHz = 828 MHz. (4.47)

This spur generation scenario was also used in the interference overview provided in
Section 2.1 where it is illustrated in Fig. 2.2. The physical spur location is near the Rx1
mixer on the chip (see Fig. 4.2), where it is down-converting the TxL signal into the
receiver BB. Thus, if the spur has an IQ-imbalance (see Section 2.3.3), the main and
image modulated spur interference appears in the receiver BB where it severely dete-
riorates the received signal. The main and image modulated spur components appear
in the BB with the frequency offset fa = frx — fsp = 3MHz and —fa, respectively.
The modulated spur interference part outside the LTE signal BW is attenuated by the
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Figure 4.2: LTE-A FDD carrier aggregation transceiver employing downlink CA. Re-
ceive path Rx1 is affected by the modulated spur interference. The BB
modulated spur interference is regenerated by an adaptive filter.

CSF. For a maximum output power of 23dBm and a mean duplexer attenuation of
63 dB, the TxL signal level can be as strong as -40 dBm at the receiver input. The TxL
signal is amplified by the LNA and down-converted by the spur. In our example, we
assume a combined LNA and spur gain of 10dB, and the spur IQ-imbalance is modeled
using the gain and phase imbalance of ¢ = 3dB and ¢ = 5°, respectively. Thus, the
resulting modulated spur power is -30dBm (around -58 dBm/15kHz). Fig. 4.3 depicts
the spectra of the received LTE signals with 10 MHz bandwidth at receiver Rx1. The Tx
power is 23 dBm, and the Rx SNR is 20dB. The thermal noise power level at the input
of the receiver is assumed at -104 dBm per 10 MHz (see Appendix A.3) and the assumed
receiver noise figure (NF) is 5dB. With the LNA gain of 20dB, this results in a noise
floor at —104dBm + 5dBm + 20dB = —79dBm at the LNA output. The total received
BB signal yTOt[ | contains the modulated spur interference (main + image), the desired
Rx signal yi%[n] and the noise signal vgg[n].
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Figure 4.3: Baseband spectrum of the total received signal, wanted Rx signal
(SNR=20dB) and the receiver noise floor at -79 dBm =-106.8 dBm /15 kHz
(at the output of the LNA). The total received signal contains the fao =3 MHz
shifted modulated spur with duplexer shaping. The transmit power is
Pry =23dBm.

4.6.1 Widely-Linear Modulated Spur Cancellation

To recover the Rx signal a widely-linear adaptive filter structure [58] for the cancellation
of the modulated spur interference is developed. The advantage of the widely-linear
cancellation structure is that it is able to cancel interferences which are correlated with
the transmit signal and its conjugate. Using the modulated spur interference model

Y n] = wipln] * g [n] + atipln] * Wi 5[]
v 1] (4.48)
A A _
+ SR yBiln] + sln] + = vpn(n] * sfn]

2

which was derived in Section 2.3.4 it is obvious that the interference signal y35[n] is a
function of the transmit samples and their conjugates. Consequently, using a widely-
linear adaptive filter structure the modulated spur interference may be regenerated and

subtracted from the received signal yg%t [n]. To generate a replica of the modulated spur

interference, the total Tx-to-Rx leakage channels hg%t,l[n] and hg‘ﬁfa[n] (of the main and
image interference) need to be estimated. Having in mind that for the estimation of
h%‘gl[n] and hg‘gQ[n] the wanted Rx signal acts as noise, the wanted Rx and the noise
signal are combined to vjz[n|. Based on that, we are able to rewrite the model (4.48)
to

ypi [n] = x [n]hi[n] + x{" [n]ha([n] + vgp[n] (4.49)

where hl[n} = [h1,07 h171, ceey ]’L17M_1]T and hg[n] = [h270, hg’l, ey thM_l]T are the
length M finite impulse response (FIR) leakage channel approximations and

xs[n] = [z5p[n], 2hpn — 1, ..., ahp[n — M + 1]]7 (4.50)
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the delay-line input signal vector containing the frequency-shifted and channel-select
filtered BB Tx samples

xppln] = {xBB[n}eﬂ”{’?n} * hs[n). (4.51)

Here, fs denotes the sampling frequency. The modulated spur interference is regenerated
by the widely-linear adaptive filter [58]

jln] = x"[n]w[n — 1] (4.52)
where
WM_[Q&H (4.53)
and
ﬂﬂ=[gﬁﬂ (4.54)

is the augmented input signal vector containing the delay-line input signal vector x4[n]
and its conjugate.

The performance of four adaptive algorithms to perform a modulated spur interfer-
ence cancellation is compared. For this, the number of adaptive filter taps is set to
M = 10 which corresponds to the length of the used Tx-to-Rx FIR leakage channel
(duplexer) model. This means, the augmented adaptive filter to estimate the main and
image modulated spur interference has 2M = 20 taps. The e-NLMS algorithm (Algo-
rithm 1), the variable step-size normalized LMS (e-VSSNLMS) algorithm, the regularized
affine-projection algorithm (e-APA), and the RLS algorithm (Algorithm 2) are evaluated
regarding convergence time and cancellation performance. The e-NLMS-, and the RLS-
algorithm are derived in Section 4.3, and a detailed description of the e-APA algorithm
may be found in [61]. The proposed e-VSSNLMS algorithm is an e-NLMS variant with
the monotonically decreasing step-size

Ho
= min- 4.55
pln] = —- 5 tH (4.55)

In this step-size update, ug sets the starting, and pmin the steady-state step-size value,
respectively. With o and 8 the convergence rate can be adjusted, and stability is guar-
anteed for 0 < pu[n] < 2. The modulated spur replica signal®

gln] = xT[n)w[n — 1] (4.56)
is subtracted from the total received signal to form the error
_,Tot ~
e[n] = ygg[n] — gln] (4.57)
which is used to employ an estimate of the leakage channel using the coefficient update

plnle[n]x*[n]

P (4.58)

wln] =wn—1] +

5The RLS algorithm uses §[n] = xT [n]w*[n — 1].
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4.6 Modulated Spur Cancellation

To compare the convergence behaviour of the algorithms, the ensemble normalized mean-
square-error (NMSE)

Byl - oln]|°|
E [Jubs i’

[23]. The steady-state cancellation performance is

NMSE[n] = (4.59)

is used as performance measure
evaluated with the SINR

B ||yl

SINR = .
B ly5 el - igln] - onl|°]

(4.60)

4.6.2 Simulation Results

The main goal is to select an adaptive algorithm which converges within the first OFDM
symbol and restores the wanted Rx signal as good as possible. The measured duplexer
frequency response is approximated with a 10 tap FIR filter within a bandwidth of
10 MHz centered at fpy [69]. Also the adaptive filter length is chosen as M = 10. For
the RLS algorithm A = 0.9999 (forgetting factor) and P[—1] = 10°T are chosen, re-
spectively. The parameter K = 5 defines the order of the e-APA, and peapa = 0.005
is the used step size. The choice for the e-NLMS algorithm is g n1ms = 0.02, and for
the e-VSSNLMS algorithm po = 1.5, pimin = 0.001, o = 0.001 and B = 1, respectively.
The common regularization term is € = 0.0001. The parameters of the algorithms are
selected to achieve convergence within the first OFDM symbol which has 1104 samples
for a 10 MHz LTE signal with short cyclic-prefix [70]. The convergence behavior of the
investigated algorithms for the Tx power of Pry = 23dBm and the Rx SNR of 20dB is
depicted in Fig. 4.4. The algorithms converge after about 1 OFDM symbol.
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Figure 4.4: Convergence behavior of the different adaptive algorithms for Ppy =23 dBm.
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The steady-state cancellation performance at different Tx power levels is evaluated at the
three different Rx signal SNRs of 20dB, 10dB and 3 dB, and the results are visualized in
Fig. 4.5, Fig. 4.6 and Fig. 4.7, respectively. As can be seen, the RLS algorithm is able to
improve the Rx SINR up to the SNR value for all three scenarios. However, for the low
SNR of 3dB, the e-VSSNLMS algorithm nearly achieves the steady state performance
of the RLS algorithm (Fig. 4.7).
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Figure 4.5: Improvement of the Rx SINR for an Rx SNR of 20dB.
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Figure 4.6: Improvement of the Rx SINR for an Rx SNR of 10dB.
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Figure 4.7: Improvement of the Rx SINR for an Rx SNR of 3dB.

In the time-domain simulation 10 LTE slots” are used and the steady-state SINR for each
simulation is determined using the samples from the 5*" to the 10*" slot. The complexity
of the widely-linear algorithms with M = 10 (the widely-linear filter has 2M = 20 taps)
and K = 5 according to [61], are listed in Table 4.1. Comparing their complexity shows,

Table 4.1: Computational cost per iteration for the widely-linear algorithms with M=10
’ Algorithm ‘ Real mult. ‘ Real add. ‘ Real div. ‘

RLS 1921 1839 1
e-APA, K=5 3320 3350
e-VSSNLMS 167 167

e-NLMS 166 165 1

that the e-VSSNLMS algorithm needs one order of magnitude less real multiplications
than the RLS algorithm. Appendix A.4 provides some useful hints on how signals with
a certain power level, SNR and SINR can be realized in Matlab.

4.6.3 Conclusion

Four adaptive algorithms are compared with respect to the modulated spur interfer-
ence cancellation performance. Simulation results for LTE10 signals show that the pro-
posed e-VSSNLMS algorithm converges within the first OFDM symbol, and is able to
improve the SINR significantly. For low SNR scenarios, the e-VSSNLMS algorithm
nearly achieves the steady-state performance of the RLS algorithm. Furthermore, the
e-VSSNLMS algorithm has only a slightly increased computational cost per iteration
compared to the traditional e-NLMS algorithm. The e-VSSNLMS algorithm solves the
dilemma of a low excess mean-square-error (EMSE) [61] or fast adaptation speed. The

"1 LTE slot contains 7 LTE symbols, and 1 LTE10 symbol consists of 1104 samples.
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EMSE is connected to the MSE via
MSE = EMSE + E {|U]’33 [n] }2} , (4.61)
and for the e-NLMS algorithm the EMSE may be approximated by [61]

ub { o)’}

EMSE =
2—p

(4.62)

Consequently, for small values of the step-size u, the MSE approaches the variance of
the noise term vg[n] which includes the Rx signal and the noise.
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Adaptive IMD2 Cancellation

5.1 Introduction

This chapter is dedicated to the digital cancellation of the IMD2 interference by adap-
tive filtering. For this purpose, a novel Wiener model [25] based nonlinear LMS-type
algorithm (IM2LMS), and a novel nonlinear RLS-type algorithm (IM2RLS) are derived
to cancel the IMD2 interference in the digital BB. Simulation results demonstrate that
the proposed IM2LMS algorithms outperforms traditional Hammerstein-, and Volterra
model [25] based LMS algorithms in terms of convergence speed, steady-state perfor-
mance and complexity. The proposed IM2LMS-, and IM2RLS algorithms are evaluated
using measured IMD2 data which is obtained from two different measurement setups.
The first setup includes a transceiver chip provided by the industrial partner, whereas
the second setup uses discrete RF components. The derivation and the performance
results of the IM2LMS-, and the IM2RLS algorithm have been presented in [7] and [27],
respectively.

An interesting fact of the nonlinear IMD?2 interference is, that one part of the generated
second-order intermodulation products always falls around zero-frequency independent
of the Tx-to-Rx frequency offset (duplexing distance). In case of direct-conversion re-
ceiver architectures, this leads to a BB interference which disturbs the wanted receive
signal. The mathematical modeling in section 2.3.5 shows that the BB IMD2 inter-
ference contains the squared envelope of the BB equivalent TxL signal. The resulting
BB IMD2 interference has twice the Tx signal bandwidth and contains a DC due to
the envelope-squaring. The overall DC in the received signal is time-variant and may
have many sources like e.g. LO-LO self mixing [8], and therefore must not be related
explicitly to the DC which is generated by the IMD2 interference. Direct-conversion
receivers employ a DC cancellation to suppress the DC in order to prevent the ADC
from saturation. Consequently, the IMD2 interference related DC is removed from the
received signal which complicates the IMD2 replica estimation. Furthermore, in the
digital domain the signal is filtered by a CSF to reduce its bandwidth to the LTE signal
bandwidth. Thereby, parts of the IMD2 interference are filtered away. Consequently,
the adaptive filter needs to generate an IMD?2 interference replica without DC and with
reduced bandwidth. Both effects complicate the replica generation by the adaptive filter.

Section 5.2 gives an overview about the state-of-the-art IMD2 interference cancellation
approaches. Section 5.3 describes how Hammerstein- and Volterra model based adap-
tive filters may be used to estimate the nonlinear IMD2 interference. In Section 5.4,
the Wiener model IM2LMS-, and the IM2RLS algorithms are derived. The performance
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of the algorithms is compared by simulations and measured data in Section 5.5 and
Section 5.6, respectively.

5.2 State of the Art

In the existing literature, the authors of [21, 22, 71] discussed an IMD2 cancellation
consisting of a Hammerstein model based LMS algorithm for frequency-flat duplexer
stop-bands. In [23] a Volterra kernel based LS approach for frequency-selective Tx-
to-Rx responses was proposed. The authors in [6] presented a two-step LS approach
for the IMD2 cancellation and considered a static 3rd-order PA nonlinearity and IQ-
imbalance in the transmit mixer. In [72] a Tx CA transceiver was considered where
the transmit signal of two transmitters leaks through a diplexer into one of the CA
receivers. The diplexer stop-band is modeled as a first-order FIR system which reflects
a nearly frequency-flat response. The authors incorporated a fourth-order nonlinearity
without memory into the estimation process, which results in an LS problem with four
unknown coefficients. In the existing literature, the contributions [7, 23] considered the
DC removal in the IMD2 interference replica, and in [6, 21, 22, 73] it is neglected. The
IMD2 interference in the receiver may also be generated by external blocker signals
received by the antenna. The author in [17, 18], extracts the blocker signal after the Rx
mixer by a high-pass filter. The squared envelope of this signal is then used as a reference
for the subsequent adaptive filter which cancels the generated IMD2 interference.

5.3 Polynomial Filters

State-of-the-art nonlinear adaptive filtering is performed by discrete-time polynomial
filters [25] which are described with the input-output relationship

P
ylnl =>_ fi(zlnl,.. . xln— M+ 1), y[n—1],...,yln — M + 1)) (5.1)
=0

using the i*"-order polynomial functions f;(-) and the polynomial order P. For the
assumption of an underlying linear FIR system with the output relation

M—-1
filn] = Y hamlan —m], (5.2)
m=0

the polynomial filter for P = 2 has the form [25]
M-1
y[n] = ho + Z hi[mqlx[n —my)
m1=0
M-1 M-1
+ Z Z ho[my, malz[n — milx[n — ma).

m1=0mo=0

(5.3)

Here, hg, hi[m1] and ha[m, ms] are the constant, the linear and the second-order system
coefficients, respectively. Switching to complex valued signals and systems, the IMD2
interference may be described by a polynomial filter which has the order ¢ = 2 with

fo(€n]) = EMEn]* = €], (5.4)
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therefore reducing the polynomial filter to the truncated Volterra filter without constant
and linear term. With ¢[n] = zpg[n] * hLX[n] the IMD2 interference term

IMD2r, 1 _ AfnaAba TxL1, 112 . 7
B2l = s TENAZEA o]« il 655
—_———
"
derived in (2.58) is expanded to

yBEP2 0] = [ (nnln] « WEE ) - (wmnln] « b)) "] « Aol

TM—1 M—1 )
= | > > Wiy maless(n — malagp(n — m2]] * hs[n] (5.6)

Lm1=0 mo=0 :

=0 | > Y hiEmi,mo]apsln —milafpln — ma] | * hsln]

Lm1=0 m2=0

M—-1 M—-1 ]

which shows the underlying truncated Volterra-kernel structure with the two dimen-
sional impulse response hX:[m1, ms] of the IMD2 interference problem.

For the estimation of the IMD2 interference contained in (2.58), the wanted Rx signal
acts as noise and is therefore combined with the noise signal to the noise term vig[n).
Inserting (5.6) into the model of the total received signal (2.58) results in the truncated
Volterra-kernel model

M—-1 M-1
geglnl =n | > Y hEEmy, ma)wssln — mileggln — ma] | * hs[n] + vigln]  (5.7)

m1=0mo=0

of the total received signal. The model (5.6) is the foundation for the Hammerstein-, and
Volterra model based IMD?2 interference cancellation which are presented in Section 5.3.1
and Section 5.3.2, respectively.

5.3.1 Hammerstein Model

The IMD2 model (5.6) incorporates M? coefficients to estimate one IMD2 interference
sample. To lower the computational complexity of this Volterra model based cancellation
approach, the authors in [73] derived a low-complexity cancellation structure. Setting the
indexes m; = ma = m in (5.6) means neglecting the cross terms of the two dimensional
impulse response hEE“[m1,ms]. Therefore only the diagonal elements of AL [my, mo]
are used. The resulting simplified model® with reduced complexity becomes

M—-1
ysp 2n] =1 Z hisg [m, m] |zgs[n — m]|? | * hs[n]
0 (5.8)
= h'x[n] * hy[n],
where
h =1 [hohd, b, .. b ihq]” (5.9)

!This low complexity model assumes a frequency-flat Tx-to-Rx response. This assumption is only valid
for Tx signals with very narrow bandwidth.
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and
%[n] = [|xBB[n]|2 |lzeln —1])%,. .., |zBR[n — M + 1]|2]T. (5.10)

This Hammerstein model assumption is used in [22] to perform a digital IMD2 inter-
ference cancellation. The envelope-squaring nonlinearity is applied to the BB transmit
samples before the signal is convoluted with the diagonal elements of the two-dimensional
leakage path impulse response which is mainly determined by the duplexer. Another in-
teresting case is given if the duplexer is perfectly frequency flat in the Tx signal frequency
range which implies that all duplexer impulse response coefficients except one are zero
[21]. Even for narrowband Tx signals used e.g. in UMTS this only holds approximately,
but in general for wide-band LTE signals this is not valid. However, assuming a fre-
quency flat duplexer with the signal delay §T where § > 0 is an integer number and T
the sampling time, the model (5.6) is equivalent to

gD2r, <h5 |zgB[n — 5]|2) % h[nl, (5.11)

with hs = UBEEL [0,0] . By allowing a fractional signal delay (e.g. § = 2.4), which can
be approximated by an LMS adaptive filter [22], (5.11) changes to

Jb 2 [n] = (h'T x[n]) * hs[n). (5.12)

In this approximation, the vector h’ accounts for the fractional delay. Interestingly,
the structure of (5.12) is the same as in (5.8), although the underlying assumptions are
fundamentally different. The adaptive IMD2 interference regeneration may be performed
with the eeNLMS algorithm (Algorithm 1) where the interference replica generation

Jacln] = ()_(T[n]w[n — 1]) * hs[n] (5.13)

contains the channel-select-, and DC filtering, and the length M coefficient vector w|n].
Using dac[n] as the channel-select- and DC filtered total received signal, the error signal

eac[n] = dac[n] — Jac(n] (5.14)
is used for the adaptive coefficient update

peac(n]xs[n]

W[’I’L] = W[n o 1] + €+ XSH[TL]XS[TL]

(5.15)
to employ an estimate of the IMD2 interference. It has to be highlighted, that the
convolution of the adaptive filter output signal with hs[n] introduces a signal delay due
to the group delay of the CSF. This signal delay has to be taken into account in the
coefficient update equation (5.15) to achieve a time-alignment between the error signal
eac and the input signal vector. This is achieved by filtering the input signal with the
CSF

Toln] = (\xBB[nHQ - ag) % hs[n]. (5.16)

The DC cancellation in the adaptive filter input signal (5.16) is achieved by subtracting
the expectation value

o2 =E {|xBB[n]|2} (5.17)
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5.3 Polynomial Filters

of the squared Tx signal envelope. In a real application this DC value has to be estimated.
By using (5.16), the input signal vector

%s[n] = [Zs[n], Ts[n — 1], -+, Zs[n — M +1]]7 (5.18)

can be formed which contains the DC canceled and channel-select filtered squared Tx
signal envelope. Using this input signal vector, the IMD2 replica generation (5.13) may
be reformulated as

gacn] = XL [njwln — 1]. (5.19)

The final Hammerstein model based LMS algorithm for the IMD2 interference cancel-

Initialization:
O<pu<?2
e>0
w[-1]=0
02 = E{|zpsln]”}
for n=0,1,2... do
—_ o 2 2
asfn) = (|zpsln] > = 02) « hyln)
%s[n] = [Zs[n], Ts[n — 1], -+, Zs[n — M + 1))

n] = xI'njw[n — 1]

peac[n]xi(n]
e+xH [n]xs[n]

end
Algorithm 3: Hammerstein model based e-NLMS algorithm to for the IMD2 inter-
ference cancellation. The algorithm is designed for frequency-flat Tx-to-Rx responses.

0
fo fo
] h» \ A
s CSF+DC~
fo

Kernel vector

generator
hET‘:L(t)( _ﬂ.f %[ ,
T
< * adaptive |

algorithm [~

Tx leakage

IBB[TZ]
‘a .:‘ /o Tx
—D->f f

fo

Figure 5.1: Block diagram of the polynomial adaptive filter.
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5 Adaptive IMD2 Cancellation

lation is summarized in Algorithm 3. Fig. 5.1 shows the adaptive filter structure with
the kernel generator to form the nonlinear input signal vector Xs[n].

5.3.2 Truncated Volterra Model

The IMD2 interference is a nonlinear interference including memory. This results from
the fact that the Tx signal first leaks through the frequency-selective duplexer (which
introduces a memory effect) and afterwards experiences the second-order nonlinearity
of the mixer. By using the FIR Tx-to-Rx leakage channel approximation, the IMD2
interference model (5.5) may be reformulated into a linear estimation problem [23].
Approximating the duplexer by an FIR system of length M

W] = [ho, ha, ha, - hag—1]” (5.20)
the model (5.6) may be rewritten to
M—1 M-1 )
yib2 ] [ Z Z hESmy, ma) xB[n — miahg[n — ma] | * hs[n)
120 m3=0 (5.21)

= (B[] ) * hsfr]
which leads for e.g. M = 4 to the coeflicient vector
h[n] = 7 [hohy, hah, hahi, hah,
hoh, hohis, hohs, ha b, ha b, holi, (5.22)
hih, hohiy, hahy, hob, hah’, hahs)"

and the corresponding Tx-kernel vector

x[n] = [zpp[n]zgp[n], B[N — Jogg[n — 1], 28BN — 2JlzhE N — 2],
zpp[n — 3|egg[n — 3|, zB[n|zgp[n — 1], zBB[N]2ER [N — 2],
rpp[n]zpg[n — 3], vB[n — 1]zgg[r — 2], zBB[N — 1]2pE([N — 3,
enln — 2zialn — 3, 268[n — shalnl, spsln — Aehsl) (5.23)
zpp([n — 3|lzpg[n], zeB[n — 2]2hE[n — 1], zBB[N — 3l2HE[N — 1],
rpp[n — 3Japg(n — 2]]"

with dimension M?2. Both vectors have M real valued and M? — M complex entries. By
using the identity
zgg[n|agg[n — 1Jhoh] + zBB[n — apg[n]hihg =
=2 (R {eps[n]egp[n — 1]} R{hoh1} (5.24)
—S{zse[n]zpp[n — 1]} S{hohi}),
the complex scalar-product in (5.21) may be rewritten as a scalar-product with the real
valued vectors
W' [n] = 1 [hohi, hiht, hohl, hahi,
2R {hohi}, 2R {hoh5} 2R {hoh5} , 2R {h1h5},2R{h1h3},
2R {hoh3}, 23 {h1hgy}, 23 {hahp}, 23 {hshy},
23 {hohi}, 23 {hshi}, 25 {hsh} }]

(5.25)
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and

X'[n] = [zpB[n]2p(n], zB[n — 1]agp(n — 1], zB[n — 2app[n — 2],

zpg[n — 3Jepp[n — 3], R{zs[n]zgp[n — 1]}, R {zps[n]zpp[n — 2]},

R {zpg[n|zgp[n — 3]}, R{zep[n — l]rpglr — 2]},

R {zpg[n — 1]zpp[n — 3]}, R {zes[n — 2]zpp[n — 3]}, (5.26)
S {zss[n]zgp[n — 1]}, S {zss[n]rppn — 2},

S {zss[n]zgp[n — 3]}, S {zss[n — 12ppn — 2]},

S {wpp[n — ahpln — 3]}, S {zpp[n — 2apgn — 3]}

where the minus sign of the imaginary part in (5.24) is included into the coefficients to
be estimated. For the estimation of the IMD2 interference with the normalized LMS
algorithm, the replica

gacln] = (X7 [n]wn — 1]) * hs[n] (5.27)

is used to generate the error signal
eac[n] = dac[n] — gac(n] (5.28)

which is needed for the coeflficient update

/%

peacn)x[n]

|
e+ X ] 2%

wln| =wn—1] +
Also in the Volterra kernel based LMS update equation the signal delay introduced by
the convolution with the filter hg[n] in (5.27) has to be considered. This may be done
by introducing the new input signal vector

%,[n] = ||z[n]|” = o3, [¢[n — 1]| = 03, [2[n — 2]|* - 03,
j2[n = 3* — o3, R {x[n]z[n — 1]}, R{z[n]z[n — 2]},
R{z[n]z[n - 3"}, R{z[n — 1zfz - 2]"},
R {z[n — 1z[n — 3]}, R {z[n — 2Jz[n — 3]*}, (5.30)

b S {anlen — 2]},
S{z[n]z[n = 3"}, {z[n — 1z[n — 2]"},

n—1z[n — 3"}, S {z[n — 2Jz[n — 3* " * h[n]

which includes an implicit DC cancellation and the channel-select filtering. Unfortu-
nately, in the Volterra LMS case the input signal vector is not a delay-line vector.
Consequently, each of the M? entries of the vector %s[n] needs to be filtered by hs[n]
separately. This significantly increases the computational complexity of the Volterra
kernel LMS algorithm. By using the new introduced input signal vector Xs[n| which
incorporates the DC cancellation and the channel-select filtering, the replica generation
(5.27) may be rewritten to

gacln] = X [nwln — 1. (5.31)

The final Volterra kernel LMS algorithm is summarized in Algorithm 4 and the adaptive
filter structure is depicted in Fig. 5.1.
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Initialization:
0<pu<?2
e>0
w[-1]=0
for n=0,1,2... do
gacln) = %7 [nwln — 1
eac[n] = dacln] — gac[n]

_ _ peac([n]XE [n][n]
win] = wln — 1] + S T

end
Algorithm 4: Volterra kernel based e-NLMS algorithm for the IMD2 interference

cancellation with frequency-selective Tx-to-Rx responses.
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5.4 Wiener Model Based Cancellation

5.4 Wiener Model Based Cancellation

In this section the nonlinear Wiener model is explored for the development of a nonlinear
LMS/RLS type adaptive filter to estimate the IMD?2 interference. The goal is to reduce
the computational complexity of the Volterra kernel based adaptive filter described in
Section 5.3.2. Especially for highly frequency-selective duplexer responses a large number
of FIR coefficients is required to model the Tx-to-Rx response. The Wiener model uses
a static nonlinearity at the output of the adaptive filter which has the advantage that
less coefficients are necessary in the estimation process compared to a Volterra kernel
based adaptive filter [25]. In case of the IMD2 interference, this static nonlinearity is
the envelope-squaring operation and the Tx-to-Rx path is estimated by an underlying
FIR model.

The following differences between the Wiener-, Hammerstein-, and Volterra models for
the adaptive IMD2 interference cancellation may be identified.

e In LTE scenarios, the Tx-to-Rx leakage channel may be heavily frequency-selective
because of the duplexer stop-band. Therefore, the Hammerstein model which
assumes a frequency-flat leakage channel is not applicable. Consequently, the use
of a Volterra-, or Wiener model based cancellation approach is necessary.

e With increasing frequency-selectivity in general more FIR filter coefficients are nec-
essary to model the leakage channel. The computational complexity of the Wiener
model adaptive filter increases with the order O(M), whereas the complexity of
the Volterra model based cancellation increases by O(M?).

e Due to the envelope-squaring at the output of the Wiener model, the IMD?2 related
DC is automatically regenerated in the interference replica signal. This DC needs
to be removed afterwards because the main receiver employs a DC-cancellation.

e The output signal of the Wiener filter using the envelope-squaring nonlinearity at
the output is always real valued. Reasoned by that, it is impossible to estimate
the complex valued IMD2 interference in the I-, and Q-path simultaneously with
one combined adaptive filter.

However, the interference replica model described below will show that the Q-path IMD2
interference is only a scaled version of the I-path interference. Therefore, once the I-path
IMD2 interference is estimated by the Wiener model adaptive filter, the I-path replica
signal may be used as a reference to estimate the Q-path IMD2 interference.

5.4.1 Interference Replica Model

For the adaptive filter development to cancel the IMD2 interference in the digital BB,
the interference model (2.58) is rewritten to the form

OéI 2 -
ysg [n] = 72 |ALnaApazeg(n] = hgs[n]|” * hs[n]

IMD2,1
BB [n]

(5.32)

Q
e » _
+5 % |AuwaApazealn « bl * Fsln] +ofapln]

IMD2
B]/B 7Q["]
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5 Adaptive IMD2 Cancellation

where the complex valued wanted signal and the noise signal are combined in vgg[n.
Assuming a% > 0, and approximating the duplexer impulse response hg’éL [n] by the FIR
impulse response vector hgﬁL of length M, we may express the [-path IMD2 interference
as

yD2 1 (\XT[n]thz) + Tog[n] (5.33)

where hy incorporates hgﬁL and all scalar scaling factors in the I-path. The used vector
x[n] is the complex valued tapped delay-line input signal vector

x[n] = [zpe[n], zeB[n — 1], ..., 2[R — M + 1]]7. (5.34)

As can be seen from (5.32), the Q-path IMD2 interference is just a scaled version of
the I-path IMD2 interference (with possible sign change). Therefore, the total received
signal model (5.32) may be rewritten to
IMD2,1 . IMD2,1
yg%t[n] = YBB 8 [n] +jhq YpR 8 [n] + vpp[n] (5.35)
using the real valued scaling factor hq for the Q-path IMD2 interference. Motivated by
the model (5.35), the I-path IMD2 interference replica model is

jacaln] = (yxT[n]wI[n]|2) + R[], (5.36)

using the adaptive filter coefficient vector wi[n]| and delay-line input signal vector x[n]
of length M. The replica model comprises an adaptive Wiener model FIR filter where
the output signal is DC-, and channel-select filtered. The Q-path IMD?2 interference is
generated by estimating the scaling parameter hq using a linear single-tap LMS or RLS
algorithm which uses the estimated I-path IMD2 interference as reference input. The
proposed adaptive filter structure to cancel the IMD2 interference in the digital BB is
shown in Fig. 5.2. For the case a) < 0, the sign of the desired signal in the I-path dj[n]
and the sign of the replica signal of the adaptive filter need to be changed. The sign of

ad may be estimated by evaluating the cross-correlation function

N-1
- 1
Pars [7] = > difn)sin — 7] (5.37)
k=0
using IV samples of the signals di[n] and the sequence

sin] = |e[n]* — £ { [zspln] >} = |enpln] - o2 (5.38)

The cross-correlation function may also be determined by using the recursive formulation
[74]

Bars 7K = Duys [k = 1)+ = (Wil = 7Islh] = b lr k= 11), (539

which is equivalent to (5.37) for k — N. The sign of o} is then extracted from the
cross-correlation function. If the maximum peak value is positive, then ab > 0, and if it
is negative then ag < 0. In the same manner the delay between the received signal dy[n]
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M f eqln] = S {7k Inl}

0 +S {vpg[n]}
— doln
A 4 N o[n] R r_-l-\ . .
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Figure 5.2: Block diagram depicting an RF transceiver operating in FDD mode which
experiences a second-order intermodulation distortion in the receiver due to
the transmitter leakage signal and the Rx mixer RF-to-LO terminal coupling.
A nonlinear LMS/RLS-type adaptive filter is used to estimate the I-path
IMD2 interference. The Q-path IMD2 interference is estimated with a linear
1-tap LMS/RLS adaptive filter which uses the estimated I-path IMD2 replica
as reference input.

and the transmit signal zpg[n] is estimated. For this, the delay
Tcomp = argmax ‘dil,s [T]‘ (5.40)
T

has to be determined. The signals need to be aligned to compensate the time delay
Tecomp before they are fed into the adaptive filter. Based on the I-path IMD2 interference
model (5.36) nonlinear LMS-, and RLS type adaptive filters will be derived in the next
sections.

5.4.2 The IMD2 Problem from an Optimization Point of View

Using the IMD?2 interference model (5.35) and the I-path IMD2 replica signal (5.36), the
IMD2 replica model may be formulated as

gacln] = gac1n] + jjac.qln]
= Jac,[n] + jwq gac,i[n] (5.41)
= (!xT[n}W1‘2> * hs[n] + jwq <‘XT[n]WI‘2) * hs[n],

where the coeflicient vector wy represents the estimated impulse response hy. It can be
observed, that the IMD?2 interference replica generation includes the estimation of the
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5 Adaptive IMD2 Cancellation

I-path coefficient vector wi and the estimation of the scalar Q-path scaling factor wq.
Once the vector wy is successfully estimated, the scalar wg may be easily estimated using
a linear estimator. The idea of the Wiener model based IMD2 interference estimation is
to estimate the I-path coefficient vector wy by a nonlinear estimation algorithm and use
the obtained I-path IMD2 replica signal to estimate the Q-path scaling factor wg. To
get insight into the underlying optimization problem when the I-path IMD2 interference
(and therefore the coefficient vector wi) is estimated, the I-path LS cost function w/o
DC cancellation

Jsl) = \dlm — X" mlw |+ hs[n]‘ , (5.42)
i=0
and w/ DC cancellation in the main receiver and replica path
n ‘ 9 B 2
Jusl] = 3 [dacali) = <" palwa|” « B (5.43)
i=0

is inspected. Again, the index AC in dac indicates that the DC is canceled from the
total received signal. In Fig. 5.3, the cost function without DC cancellation, for an exam-
ple impulse response hy = [1, 0.5]T is presented. Furthermore, the estimated coefficients
wr,o and wr,; are constrained to be real valued. Two global minimum points and a local

-10?

8

Jis (wr0, wr1)

o

i 1
—0.5_1 1 -05 0 0.5

wr,1
w0

Figure 5.3: Surface of the LS cost function (5.42) w/o DC cancellation.

maximum at the origin w; = 0 can be observed. The two solutions wy; = [1, O.5]T, and
w2 = [—1,—0.5]7 minimize the cost function which can be explained with the absolute-
squaring nature of the IMDZ2 interference. Both solutions lead to the same IMD2 replica
signal.
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Second-Order Condition

The complex Hessian [65, 62] of the cost function (5.42) w/o DC cancellation at the
coefficient value w; = 0 becomes

o [0Js]”
I= * ’WIZO
owrp | Owy

4 (5.44)
= DA [=2afi] (<X i]) + hsli]

If the desired signal di[n| contains the DC (when the receiver has no DC filtering), then
E{di[n]} > 0. The matrix E {x*[i]x”[i]} is Hermitian and positive semi-definite [58].

Therefore, because of the minus sign the Hessian matrix becomes negative semi-definite

as depicted with the local maximum in Fig. 5.3.
In case of DC filtering in the main receiver, E {di[n|} = 0, and the Hessian matrix (5.44)
at wy = 0 is not negative semi-definite anymore. Then the local maximum becomes a

saddle-point like depicted in Fig. 5.4.

-10%

Jis (wr,0, wr,1)

0

1 A V >
0.5 0 X
—0.5_1 ~1 -05 0 0.5

wr,1
wr,0

Figure 5.4: Surface of the LS cost function (5.43) w/ DC cancellation.
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5.4.3 Multiple Solutions

In the cost functions depicted in Fig. 5.3 and Fig. 5.4, the estimated impulse response
coefficients wy and wy (omitting the index I for the I-path) are constrained to be real
valued. It can be observed that the two solutions wy = [1,0.5]7, and wy = [-1, —0.5]T
minimize the cost function. The existence of multiple solutions can be explained by the
absolute-squaring nature of the IMD2 interference. If the coefficients are allowed to be
complex valued, all coefficient pairs {wq, w1} converge to ’wgnd| = |ho| and }wi’nd‘ = |hy].
This behavior is visualized in Fig. 5.5 where the convergence of the coefficients with the 10
different initializations w;[—1] = [1073, O}Texp (27 /107) for i = 0...9 is depicted. The
coefficients are estimated with the nonlinear IM2RLS algorithm which will be developed
in Section 5.4.7.

° ho - hy — |hol wo ;[n] traj.
Sl (Y wy 4[n] traj. o wg“;‘ * win;l
1 —
0.5
=
3
-
&
~ 0
o
3
-
&
—0.5 -
-1

?R {wo},% {?1}1}

Figure 5.5: Multiple solutions of the coefficient vector for the IMD2 interference esti-
mation.

94



5.4 Wiener Model Based Cancellation

5.4.4 Wiener-Model LMS Based IMD2 Cancellation (IM2LMS)

In this section, a nonlinear Wiener model based LMS type adaptive algorithm (IM2LMS)
to cancel the IMD?2 interference is presented. In LMS based adaptive filters, the current
filter output value is obtained by using the coefficient vector estimate of the previous
iteration. This a-priori estimate wi[n — 1] is incorporated into the interference replica
model (5.36) to develop a nonlinear LMS type adaptive filter to cancel the I-path IMD2
interference in the digital baseband. Using an implicit DC cancellation, the DC value
E {!xT [n]wlf} = w{ E {x[n]x"[n]} wi which is generated by the envelope-squaring
is implicitly subtracted within the adaptive filter. With this implicit DC cancellation
approach, the DC-filtering at the output of the interference replica model (5.36) may be
replaced. This leads to the I-path IMD2 replica generation

gacin] = (lXT [n]wi[n — 1]!2) * hs[n]

[ njwiln — 1” —wi [n— UE {x[n]x"[n]} wiln — 1]D * hs[n)

(5.45)

([ wln—lH —w;f[n—l]Rxxwf[n—l]D * hs[n]
([WI n—1] ( [n ]xH[n] — RXX) wi[n — 1}]) * hs[n)

where the autocorrelation matrix Rxx = E {x[n]x[n]} is used®. Assuming real valued
CSF impulse response coefficients hg[n], and observing that dac 1[¢] is the desired signal

in the I-path, and therefore real valued, the instantaneous squared error cost function
based on the error

eac[n] = daciln] — Jac[n] (5.46)
becomes
= leacn]|”
= |dac,[n] — [wi [n — 1] (x[n]x" [n] — Rxx) Wi[n — 1]] * hg n]|2
= dicaln] = 2daca[n] [wi [n — 1] (x[n]x" [n] - Rx ) wi[n — 1]] * hg[n]
+ (W — 1] (xl)x"[n] — Roce) wifi — 1] ¢ hufn)”

(5.47)

To develop a stochastic-gradient LMS type estimation algorithm, the R*-derivative (see
Section 4.3) of the cost function (5.47) is evaluated which becomes

[88;;‘] = [~2dacaln] [wi'[n = 1] (x[n]x" [n] — Recx)] # h[n]
+ 2 ([WI [n—1] ( [n ]XH[n] — Rxx) wiln — 1]] % hs[n]) (5.48)

Wl — 1] (x[lx "] — Roce)] b))

A detailed derivation of the derivative (5.48) incorporating the channel-select filter in the
cost function (5.47) is presented in Appendix A.5. By using the IMD2 replica gac 1[n]

2An autocorrelation matrix Ryx is defined for wide-sense stationary signals. Each LTE symbol can be
considered as a section of a wide-sense stationary signal. However, subsequent symbols are statisti-
cally independent. But it makes sense to introduce an Rxx because the length of w is much smaller
than the symbol duration.
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and the a priori FIR filter output 7'[n] = x* [n]wi[n — 1], the derivative is simplified to
[ 0J ]T = — @dacaln] - 29acaln]) [wlTn — 1] (x[n]x" 0] — Ra)] * hsln]]”
ow; ’ ’ (5.49)
— —2eacaln] [(§/ [}’ In] — REewaln — 1]) * hsfn]
which leads to the stochastic gradient coeflicient update
aJ 1"
= 1] -2
wiln] = wiln = 1] =24 [8wf] (5.50)
= wiln — 1] + 4 peac[n] [(9'[n]x*[n] — RZI win — 1]) * hs[n]]
with the step-size p.
Normalization of the IM2LMS algorithm
In the IMD2 LMS type adaptive filter, the a priori error signal
2 *
eac,1[n| = daci[n] — [‘XT[H]WI[H — 1” — W%F[n — 1JRxxWi[n — 1]| * hg[n] (5.51)

is used to update the filter coefficients. To analyze the convergence of the LMS type
algorithm (5.50) it is beneficial to analyze the relationship between the errors exc 1[n| and
eac,1|n+1] [58, 66]. For this, a first order Taylor series expansion of the non-holomorphic
term eac 1[n] with respect to the coefficient vector is needed. As a reminder, in the
derivation of the e-NLMS (Algorithm 1), the term e[n] was holomorphic and therefore
the standard complex derivative was applied to derive the Taylor series expansion. For
the nonlinear IM2LMS case, eac,1[n] is real valued and a function of the complex vector
wi[n — 1]. In this case the first-order Taylor expansion becomes (see equation (85) in
[67])

N deac 1[n]

and by using the IMD2-nonlinearity ¢(-) = |-|* and §'[n] = xT [n]wi[n — 1] it follows that

deac,(n] 09 (y) oy i T

EACT _ -1

w1\ oy w1 TR e gy

= — (" [n)x"[n] — wi' [n — 1|RL,) * hs.

With

Awi[n] = 4 peac[n] [(§'[n]x*[n] — RI win — 1]) * hg[n]] (5.54)

the first-order Taylor series expansion (5.52) becomes
eacin+ 1] =eacin] —2R { [(g}’* [n]xT[n] — WIH[n — 1]R£x) * hs}
4 pencaln] [ [1)x" () — R wiln — 1) # hafn]] }
~ (=8| (19/I0]]* < Inlxn] - 20 {5 nlx" R Gewiln = 11} (5.55)
+wf{[n —1] (sz)z wi[n — 1]) * hs[n]D eac,1[n]

~ (1 — 8u¥[n]) eac1[n],
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where )
Vn] = ( 7' [n]]” x" [n]x[n] — 2R {5 [n)x" ()R waln — 1]}
) (5.56)
+win — 1] (RL) wiln — 1]) + hy[n].
To maintain convergence [66] of the adaptive filter, the condition
|1 —8u¥n]| <1 (5.57)

has to be fulfilled. To guarantee the condition (5.57), two cases have to be considered:

1. 1-8u¥n] <1

which leads to ¢ > 0 and

2. 1-8u¥n] > -1
which results in p < 4‘11[74
Combining both limits gives

1
O<p < ——. 5.58
Incorporating the factor 4 in (5.50) into the step-size limit, the final normalized IM2LMS
algorithm with the regularization parameter € is obtained with Algorithm 5.

Initialization:
0<p<pr, <pmax =1
e>0
wi[—1] #0
Rxx =F {XxH}

for n=0,1,2... do

§'[n] = x"n] I[n — 1]

gac.1[n] { | —win — 1|Rxxwi[n — 1]| * hs[n]

eac1[n] = dacln] — Jacin]

wiln] = wiln — 1] + MeACI[n][(@'[n]X E[J\P;‘}T wi[n—1])xhs[n]]
end

Algorithm 5: Normalized and regularized IM2LMS algorithm (e-IM2LMS) with
implicit DC cancellation and regularization.

In the above consideration the influence of the CSF group delay on the maximum allowed
step-size is neglected. The group delay 7, of the CSF delays the adaptive filter output
signal which leads to a further reduction of the maximum allowed step size pmax. The
CSF delay has the effect, that changes in the replica signal due to an update of the
coefficient vector appear delayed at the output of the adaptive filter. This is similar
to a dead-time in control systems where the loop gain needs to be reduced to maintain
stability. In [75], the influence of a signal delay in the e-NLMS algorithm as it occurs
in the e-IM2LMS algorithm is investigated. The authors derived a delay dependent
maximum step size for the e-NLMS algorithm. Using the results from [75] which are
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also applicable for the e-IM2LMS algorithm, the final CSF delay dependent maximum
step-size becomes

. ™
/1/7—9 = MUmaxS1N <W> 5 (559)

where the delay 7, in samples is used. Simulations confirmed that by choosing the max-
imum step-size according to (5.59), Algorithm 5 remains stable for arbitrary delays 7.

The usual choice of the zero-vector as initialization of wi[—1] results in a vanishing
derivative (5.49) for all n. This is due to the nature of the cost function (5.42) depicted
in Fig. 5.3 having a local maximum at w; = 0 and therefore a vanishing derivative. If
the DC is canceled, the cost function (5.43) has a saddle point at w; = 0 which causes a
vanishing derivative, too. Consequently, the Wiener model based algorithm needs to be
initialized with wi[—1] # 0. If no prior knowledge about the Tx-to-Rx leakage channel is
available, an initialization close to the zero vector, e.g., wi[—1] = [wy, 0,0, ..., 0]T where
wrp is a small real valued positive number is a reasonable choice.

The derived nonlinear Wiener model based LMS type algorithm uses the autocorre-
lation matrix to perform an implicit DC cancellation. The implied vector-matrix multi-
plication increases the computational complexity of the LMS type algorithm and lowers
therefore its applicability in real applications. Furthermore, each entry of the coefficient
update vector needs to be channel-select filtered which results in further computational
load. To overcome these two limitations, reduced complexity variants of Algorithm 5
are developed in the next section.

5.4.5 Reduced Complexity IM2LMS Algorithm

The complexity of the digital IMD2 cancellation is significantly reduced by using the
Wiener model instead of the Volterra model. However, the channel-select filtering of the
coefficient update vector in the IM2LMS algorithm and the DC cancellation contribute to
a much higher complexity compared to the traditional linear LMS. Furthermore, for in-
terference cancellation in RF transceivers the adaptive filter input signal is an SC-FDMA
modulated transmit signal. These signals are not wide-sense stationary since subsequent
symbols are statistically independent, and therefore the autocorrelation matrix Ry is
not defined. It still makes sense to introduce an Rxx because the length of w is much
smaller than the symbol duration, and each LTE symbol can be considered as a section
of a wide-sense stationary signal. However, it turned out that the usage of ¢2I instead
of Rxx leads to good cancellation results, which can be used to reduce the complexity
of the algorithm. The next sections will address possible complexity reductions for the
IM2LMS algorithm.

Reducing the Complexity of the Implicit DC Cancellation

The implicit DC cancellation using the expression wi [n — 1]RxxWj[n — 1] increases the
complexity to the order O(M?). In order to simplify the implicit DC cancellation the
expression oI is used instead of Rxx. By using this approximation, the DC value in
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steady-state (where wy[n| ~ wi[n — 1] holds) becomes

E{ |y} = B {w Tn = 1)x[n)x" [n]wifn - 1]}
=wi [n — 1]E {x[n]x"[n]} wi[n — 1]
~wi [n—1] [o2I] win — 1]

2
T

(5.60)

~ o2wil[n — 1 wi[n — 1].

Therefore, a simplified albeit approximate DC cancellation with lowered complexity is
achieved. The computational effort for the DC cancellation may be reduced even further
by skipping the implicit DC cancellation of the algorithm and replacing it by the DC-
notch filter

QAC,I[”] = angc,I[n — 1] + QI[n] — Q[[n — 1] (5.61)

at the adaptive filter output to suppress the IMD2 related DC. The parameter a = 0.998
of the DC-notch filter is chosen for a good compromise between sharpness of the DC-
notch and settling time of the adaptive filter. The resulting algorithm is summarized in
Algorithm 6.

Initialization:
0<p<p,
e>0
a = 0.998
WI[—I] 7& 0
gac[—1] = x[-1] =0
for n=0,1,2... do
§'[n] = x"n]wiln —1]
iln] = [ [n][* = hyln]
gaciln] = agaciln — 1] + i[n] — gi[n — 1]
eac,1[n] = daci[n] — gaci[n]

B ~ sreaca[n][(§ [n]x* [n]) #hs[n]]
wiln] = wiln — 1] + e+ (v [0 PxH []x[n] ) hs ]

end
Algorithm 6: -IM2LMS algorithm with DC-notch filter and regularization.

Reducing the Channel-Select Filtering Complexity

The convolution with the CSF impulse response in the derivative (5.49) has two impor-
tant roles: First, the error signal eac 1[n] in the derivative (5.49) contains the signal delay
of the CSF in the main receiver. This implies that also the term ¢/'[n|x*[n] —RZL, wi[n—1]
in the coefficient update needs to be aligned to this delay. To avoid the channel-select
filtering of each element in the coefficient update, which is mainly necessary to align the
signals due to the CSF group delay, the signals

x¢[n] = x[n] * hs[n] (5.62)
and

giln) = (x [n]wi[n — 1)) * hs[n] (5.63)
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may be introduced to simplify the coefficient update. Using the delay line vector
x¢[n] = [w¢[n], zln — 1), ..., zn — M + 1]]7, (5.64)
the coefficient update in Algorithm 6 may be simplified to

peac1[n]gn]xin]
e + |ytln]|”

wi[n] = win — 1] + (5.65)

xf [n]x[n]

With this formulation, a fractional and non-constant group delay of the CSF may be
incorporated although only the two scalar signals (5.62) and (5.63) need to be channel-
select filtered instead of each element of the gradient vector. The second important
aspect is the band-limiting operation of the CSF which limits the expanded bandwidth
of the term ¢/[n]x*[n] — RL wi[n — 1] in the coefficient update to the LTE signal band-
width. By ignoring the band-limiting effect® of hy, and assuming a symmetric CSF
impulse response with a group delay which is an integer multiple of the sampling time
Ts (e.g. axisymmetric FIR filters with odd number of coefficients), the CSF may be
approximated by a simple delay of 7,. It turns out that ignoring the band-limiting
effect has only a minor performance influence on the algorithm. Combined with the
complexity reduction method of the DC cancellation this results in the very low com-

plexity e-IM2LMS algorithm summarized in Algorithm 7. The used delay-line input

Initialization:
0<p<pr,
e>0
a = 0.998
wi[—1] #0
gaca[=1] = i[-1] =0
for n=0,1,2... do
7'[n] = xT [n]wi[n — 1]
giln] = |9/ [n]]* * hsn]
gacln] = agaciln — 1] + gi[n] — Gi[n — 1]
eac1[n] = daci[n] — yac1[n]

peac,1[n]g [n—Tg]x*[n—T,]
e+ [n—g] |*xH [n—7g|x[n—7g]

wi[n] = win — 1] +

end
Algorithm 7: Patented e-IM2LMS algorithm with DC-notch filter and CSF delay

approximation.

signal vector
x[n — 7] = [wpB[n — 7], xRN — 7y — 1],...,xBB[N — T, — M +1]]T (5.66)

contains the delayed BB transmit samples. The replica generation in Algorithm 7 still
contains the CSF to obtain an IMD2 replica which has the LTE signal BW. Algorithm 7
got filed as a patent in June 2017 by the industrial partner DMCE GmbH & Co KG
which is part of Intel [76].

3The algorithm operates with twice the native LTE signal sampling rate because the envelope-squaring
operation in the replica generation doubles the signal bandwidth.
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The performance of the proposed low-complexity e-IM2LMS algorithm (Algorithm 7)
is compared to Algorithm 3, Algorithm 4 and Algorithm 6 in [7]. Algorithm 3 is an
improved version of the normalized LMS algorithm published in [22] (added DC cancel-
lation and channel-select filtering). Algorithm 4 is the normalized adaptive LMS version
of the Volterra kernel based LS approach used in [23] and [6]. The proposed e-IM2LMS
algorithm shows an improved performance compared to [22], a lower complexity com-
pared to [23], and is suitable for highly frequency-selective Tx-to-Rx duplexer stop-band
responses. The lowered computational complexity of O(M) is achieved by the use of the
nonlinear Wiener model and the DC-notch filter which replaces the implicit DC cancel-
lation. On the contrary, the truncated Volterra kernel approach used in [23] results in
a high dimensional linear estimation problem with complexity of O(M?). The perfor-
mance comparison of the different IMD2 cancellation algorithms may also be found in
Section 5.5.1.

A good compromise between performance and complexity gives Algorithm 8 which in-
corporates the simplified implicit DC cancellation and the delay approximation in the
coefficient update. The performance of this algorithm is evaluated with measured IMD2
data which are obtained from a real RF transceiver of the industrial partner. The used
transceiver test device incorporates a duplexer which has a limited Tx-to-Rx isolation
resulting in an TxL signal which generates an IMD2 interference in the receiver BB. The
cancellation performance evaluation may be found in Section 5.6.

Initialization:
0<p<upr,
e>0

wi[—1] #0

02 = B {[enaln]’}

for n=0,1,2... do

§'[n] = x"[n] I[n —1]
gac.1[n] [ — o2wil[n — 1lwi[n — 1]| * hg[n]
eac1[n] = dac [ ]*yACI[ ] : )
peac 1[n](§ [n—Tglx* [n—7g]—o2wi[n—1]
wiln] =wiln —1] + ety [n—7g] | (xH [n—rg]x[n—7g] —202)+oiw [n—1]wi[n—1]
end

Algorithm 8: e-IM2LMS algorithm with simplified implicit DC cancellation and
CSF delay approximation.

5.4.6 Simplified Derivation of the IM2LMS Algorithm

The IM2LMS algorithm with implicit DC cancellation may be derived much more effi-
ciently by introducing the new input signal vector z” [n] = w{ [n — 1] (x[n]x" [n] — Rxx)
into the replica equation (5.45). Thereby the new replica model

Jaci[n [W? ( n]xH[n] — RXX) wi[n — 1]] * hs[n]

= &7 [n]wiln — 1] = h[n] (5.67)

N
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is obtained. The cost function of the LMS type algorithm using the new input vector
z[n] becomes

= leaca[n]l”

= |dacaln] - 2" [n]win — 1]  hy[n]|”

= dicln] — daciln] (" [nJwiln — 1] = he[n]) — daca[n] (2" [n]wi[n — 1] = hg[n])
+ (2" [nJwi[n — 1] * hs[n]) (27 [n]wi[n — 1] * hs[n]) .

(5.68)
Having in mind that z [n]Jwi[n — 1] = 27 [n]w}[n — 1], the cost function is obtained by

J = diql[n] — 2dac,1n] (zH[n]wI[n — 1] % hg[n]) + (2" [n]w}[n — 1] % hs[n])2 . (5.69)

and the gradient using the Wirtinger Calculus results in

T
28 T H T
[aw*] = | —2daca[n] (2" [n] * hs[n]) + 2 (2" [n]wi[n — 1] * hs[n]) (2" [n] * hs[n))
I S ~
gac,1(n]
= —2eac,1[n| (z[n] * hs[n])
= —2eac,1[n]zen].
(5.70)
Finally, the stochastic gradient coefficient update using z¢[n| = z[n| * hs[n] becomes
o 1"
wiln] = wiln = 1] =2 [awf} (5.71)

= wi[n — 1] + 4 peac 1[n)z¢[n]

which is exactly the same as derived in (5.50). Now, the normalization is done in the
same way as for the traditional normalized LMS algorithm (Algorithm 1) which gives

peacin)zn]

win| = win — 1] + et Zf{[n]Zf[n]

(5.72)
with the regularization parameter e. The factor 4 in (5.71) is canceled by the normal-
ization in the same way as in Algorithm 5. The normalization term is slightly different
compared to (5.55) where the two channel-select filtered terms z{’ [n)z¢[n] are combined.
If we back substitute z[n] into the coefficient update this can be seen more clearly. By
using

zf [n] = [wi [n — 1] (x[n]x" [n] — Rxx)] * hs[n] (5.73)
and setting Rxx = 0 (as in the DC cancellation with DC-notch filter) the coefficient
update results in

peacn] (¥ [n]x*[n]) * hs[n]]

R N (2 O 4 DIEYAD (7 DU D I
Combining the two channel-select filtered terms in the denominator gives
wiln] = wiln — 1] + Leactll (W nlx () « bsfr] (5.75)

e+ (Iy/In] " [n]xn] ) * hs[n]

which is the same result as obtained in Algorithm 6.
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5.4 Wiener Model Based Cancellation

5.4.7 Wiener-Model RLS Based IMD2 Cancellation (IM2RLS)

In this section, a nonlinear Wiener model based RLS type adaptive algorithm (IM2RLS)
with exponential forgetting factor is derived. It is suitable for highly frequency selective
duplexer stop-band frequency responses like indicated in Fig. 2.12 and targets the digital
IMD2 cancellation for high performance cellular base stations and mobile phones. The
derived IM2RLS algorithm is further extended by a regularization (R-IM2RLS) which
makes the algorithm applicable for highly correlated BB transmit signals where the
autocorrelation matrix can be close to singular. A high correlation in the transmit signal
can be due to oversampling which happens e.g. in the case of multi-cluster transmissions
(introduced in 3GPP LTE-A Release 11) where only a part of the available resource
blocks (RBs) are allocated. The presented IM2RLS algorithm is an extension to the e-
IM2LMS algorithm which is derived in section 5.4.4 and published in [7]. The IM2RLS
algorithm offers an improved steady-state cancellation and faster adaptation. Using the
replica model (5.36) with implicit DC cancellation

gacan] = |x" n]|” % hln
= [wi []([] [] Rixx) Wi [n]] * hs[n],

the LS cost function up to the time index n with the exponential forgetting factor
0 <« A <1 becomes

(5.76)

Jisln ZA“ydACI — [wln] (xli)x[i] — Rex) Wilnl] < hali][*. (.77

Assuming real valued CSF impulse response coefficients hg[n], and observing that dac 1[i]
is the desired signal in the I-path, and therefore real valued, the Wirtinger derivative of
the cost function (5.77) may be derived. The R* Wirtinger derivative (see Section 4.3)
becomes

[MS ] wa{ 2 dacali) [(x' X7 (i) — REL) wiln] » hi]

ow{[n

5.78
+2 [(x*[i]x" [i] — RL,) wi[n] * hs[i]] (5.78)

: [WH[H] (X*[i]xT[i] — R, * hsli]] win]} .

The detailed derivation of the derivative (5.78) can be found in Appendix A.5. By setting
the derivative to zero, an equation similar to the Wiener-Hopf equation is obtained:

R (wi[n]) wiln] = ¥ (wi[n]) (5.79)
However, it can be observed that the matrix
R =Y X" {[(x*[i]x"[i] - RL,) wi[n] = hs[i]]
i=0
. [wH [n] (x* [z]xT[z] — R;X) * hg [ZH WI[n]}

(5.80)

and the vector

3

F= ' AN dacali] [(x*[i]xT [i] — RL) wiln] * hs[i]] } (5.81)
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are functions of the unknown coefficient vector win]. In a slowly varying or nearly
stationary system environment it may be assumed that x” [ijw[n] ~ x* [i]w[i — 1] when
the index ¢ is close to n [77, 78]. If the index i << n, the approximation introduces
an error which is however attenuated by the forgetting factor. Defining the new cost
function

n

Jig[n] = Z A ]dAc,I[i] — [WIT[Z —1] (x[z’]xH [i] — Ruxx) Wi [n]] * hsli]
i=0

> (5.82)

where wi[i — 1] is used instead of wi [n] we can overcome this limitation. As a next

step, the same input vector z”[i] = w{ [i — 1] (x[i]x"[i] — Rxx) as it was used in the
simplified derivation of the e-IM2LMS algorithm is introduced, such that the new cost
function becomes

Tsln] = SN dacali] — 2" [ijwi[n] * hsli]|”
=0 (5.83)
=D A" eacldl*.
=0

Following the traditional RLS derivation provided in Section 4.5, the IM2RLS algorithm
to estimate the I-path IMD2 interference in the digital BB is summarized in Algorithm 9.
Here, the channel-select filtered vector z! [n] = z” [n] * hg[n] is used to align the signals
according to the delay introduced by the CSF. Because the error signal eac 1[n] is real
valued, its conjugation in the coefficient update equation is omitted. The usual choice
of the zero-vector as initialization of wi[—1] results in a zero-gain vector k[n] for all
n. This is reasoned in the cost function (5.77) depicted in Fig. 5.4 which has a saddle
point at wy = 0 and therefore a vanishing derivative. Consequently, the algorithm is
initialized with wi[—1] # 0, and with the parameters 0 < A < 1, and P[—1] = v I with
v > 0. However, as for the e-IM2LMS algorithm, an initialization close to the zero vector,
e.g., wi[—1] = [wry,0,0, .., O]T where wy o is a small real valued positive number can be
used.

Reducing the Complexity of the Implicit DC Cancellation

In the e-IM2LMS algorithm, the usage of o2I instead of Rxx leads to good cancellation
results. This simplification can also be used to reduce the complexity of the IM2RLS
algorithm. A further complexity reduction may be achieved by using the DC-notch filter
(5.61) for the DC cancellation which has the advantage that the knowledge of the Tx
signal statistics is not necessary. The parameter a determines the sharpness of the DC-
notch. If the parameter a is chosen close to unity, the filter has a very sharp notch at
DC but needs longer to settle which may influence the convergence time of the adaptive
filter.

Reducing the Channel-Select Filtering Complexity

To avoid the channel-select filtering of the M elements in the vector z¢[n] = z[n] x hg[n],
which is mainly necessary to align the signals due to the CSF group delay, the signals
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Initialization:

P[-1] =vIwithv >0

0kA<1

wi[—1] #0

Rux=F {XXH}
forn=20,1,2... do
zl[n] = wiln — 1] (x[n]xH [n] — Rxx)
z¢[n] = z[n] * hg[n]
gacin] =zl [n]win — 1] * hs[n]
eac[n] = dacin] — gacin]

_ Pn—1]z¢[n]
k[n] = Mzl [n}P[nil}Zf[n]

P[n] = } [P[n — 1] — k[n)zf [n]P[n — 1]]
wi[n] = wi[n — 1] + eac 1[n]k[n]
end
Algorithm 9: IM2RLS algorithm with implicit DC cancellation using the autocor-
relation matrix Ryx.

z¢[n] = z[n] x hs[n] and §i[n] = xT [n]wiln — 1] * hs[n] may be introduced. Using the de-
lay line vector
x¢[n] = [zgn], z¢ln — 1], ..., z¢n — M +1]]7, (5.84)

the vector z¢[n] may be approximated by
zi[n] = yi[n]x;[n). (5.85)

By using this formulation in Algorithm 9 only two scalar signals need to be filtered
with the CSF impulse response. A big advantage of this simplification is, that also a
fractional and non-constant group delay of the CSF may be incorporated. However, in
this approximation the band-limiting effect of the CSF on z¢[n]| is ignored. This may be
tolerated due to the oversampling factor (OSF) of 2 which is anyhow necessary because
of the envelope-squaring in the replica generation.

Channel-Select Filter Delay-Approximation

If the group delay 7, of the CSF is constant and an integer multiple of the sampling
time (e.g. axisymmetric FIR filters with odd number of coefficients), the CSF may be
approximated by a simple signal delay given by

z¢[n] = z[n — 7). (5.86)

Also in this approximation the band-limiting effect of the CSF on z[n] is ignored but may
be tolerated because of the OSF of 2. The resulting IM2RLS algorithm with DC-notch
filter and CSF delay-approximation is summarized in Algorithm 10. The performance
of Algorithm 10 is presented in [27] where it shows an excellent IMD2 self-interference
cancellation for a full allocated LTE10 transmit signal. However, to improve numerical
stability for small bandwidth allocations like, e.g., used in multi-cluster transmissions,
the regularized IM2RLS (R-IM2RLS) is derived in the next section.
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Initialization:
P[-1] =vIwithv >0
0k« A<l1
WI[—l] 75 0
a = 0.998
gaci[—1] = gi1[-1] =0
for n=20,1,2... do
ZT[n] = W;‘F[n — 1]x[n]x
zg[n] = z[n — 7]
g1ln] = ZT[n]w}k [n — 1] % hg[n]
gaci[n] = agaciln — 1] + gi[n] — gi[n — 1]
eac,i[n] = daci[n] — Jac,[n]

_ Pln—1]z¢[n]
k[n] = Mzl [n]P[nil}Zf[n]

P[n] = } [P[n — 1] — k[n]z [n]P[n — 1]]
wi[n] = wi[n — 1] + eac,1[n]k[n]
end
Algorithm 10: IM2RLS algorithm with DC cancellation using a DC-notch filter
and CSF delay approximation.

Hn]

Tikhonov Regularization of the nonlinear IM2RLS

To reduce the spectral OOB emission of the LTE signals, not all available subcarriers
are allocated. A portion of the subcarriers at the band-edges (guard-band) are forced
to zero which introduces correlation in the transmit BB samples. E.g. in a 10 MHz LTE
signal a maximum of 600 out of 1024 subcarriers may be occupied by data [79]. This
correlation in the Tx BB signal zpg[n| leads to a badly-conditioned autocorrelation ma-
trix! R = E {xpg[n|xfp[n]} and respectively R=F {z[n]zf'[n]}. Algorithms which
need the estimation of the autocorrelation matrix or its inverse P = R™! are sensitive
to the condition number of R and may suffer from numerical instability if R is badly-
conditioned. Therefore, a regularized version of the IM2RLS algorithm (R-IM2RLS) is
derived in this section.

A common method to overcome the problem of badly-conditioned autocorrelation ma-
trices is regularization [61]. Adding a positive definite matrix to the estimated auto-
correlation matrix in each iteration of the RLS algorithm guarantees that the regularized
autocorrelation matrix R’ stays positive definite and therefore maintains the necessary
condition for convergence and existence of P = R/~ [80].

This method is commonly known as Tikhonov-regularization where a matrix L is used
for the regularization [81]. By including a regularization term in the cost function (5.83),

4The LTE transmit signal is not wide-sense stationary. However, each LTE symbol can be considered
as a section of a wide-sense stationary signal. Therefore, because the length of w is much smaller
than the symbol duration it makes sense to introduce the matrix R = E {z¢[n]z{ [n]}.
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the new cost function

Jaln) = > A" leacalill® + o [Lwaln] 3]
=0 (5.87)
=3 A [|eAC,I[¢] % + o wl[n)LTLw} [n]}
=0

is defined where eac;1[i] = dac,i[i] — (z” [i{]w}[n]) = hg[i]. The regularization parameter
o > 0 is used to adjust the amount of regularization and the real valued matrix L is
typically chosen as L = I (standard Tikhonov regularization),

SRR -
-1 1
L= -1 1 (5.88)
. _1 1_
(first order derivative), or
(1 -2 1 i
1 -2 1
L= =21 (5.89)
I 1 -2 -1

(second order derivative) [81]. Using the R* Wirtinger derivative (see Section 4.3) of the
cost function (5.87), and setting it to zero results in

; AV (z¢[i)zf[i] + oLTL) | wiln] = ; A"l p i) ze]d] - (5.90)

R/[n] £[n]

Reformulating the above equation leads to wi[n] = R/~ [n]¥[n] = P[n]¥[n] which is solved
recursively using the RLS algorithm. By expressing the cross-correlation vector ¥[n] by
its previous estimate r'[n — 1], a recursive estimation of the form

r[n] = Ar[n — 1] + dac 1[n]z¢[n] (5.91)

may be formulated. Similarly, a recursive estimation of the regularized autocorrelation
matrix is obtained by

n—1
R'[n] = X Z AT (zgli)zf (i) + oLTL) + z¢[n)zf! [n] + oL L £ 99
i=0 (5.92)
= AR/[n — 1] + oLTL + zg[n)z{ [n).
Substituting Q[n] ™' = AR/[n—1]+¢L” L into (5.92), the matrix P[n] = R'~![n] becomes

Pln] = [Qn] " + zn]zf [n]] . (5.93)
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After applying the matrix inversion lemma [68]
(A+BCD) '=A'—-A'B(C'+DA'B) 'DA"! (5.94)
to avoid the matrix inversion, (5.93) may be formulated as
P[n] = Q[n] — k[n]z [n]Qn)], (5.95)

where the gain vector

(5.96)
is introduced. For the inversion

Qn] = [\P'[n— 1]+ oL7L] (5.97)
again the matrix inversion lemma is applied which yields

Q[n] = = (P[n — 1] — S[JLP[n — 1]), (5.98)

> =

where the substitution
®[n] = oP[n — 1JL7 [M + ¢LPn — 1JL7] " (5.99)

is used. After rearranging (5.99), the expression

B[n] =+ (Pln — 1] = B[n]LP[n — 1)) L (5.100)
= oQ[n]LT

is obtained. Unfortunately, the calculation of ¥X[n] in (5.99) and therefore €2[n] includes
a matrix inversion even after applying the matrix inversion lemma. However, by decom-
posing the matrix L7L in (5.97) into a sum of V dyads [82]

v -1
Q)= (AP n—-1+0 Z pk,1p£2 , (5.101)
k=1

applying the matrix inversion lemma results in the recursive calculation of (5.101) via

Qi1 [n]Pr1

Qin] = Qp_1|n] —
k‘[ ] k 1[ ] %_’_p’l{;QQk_l[n]pk’l

P/ o%-1[n] (5.102)

for k=1...V in each iteration n, and Qo[n] = $P[n — 1]. Reformulating (5.96) yields
k[n] = P[n]z¢[n]. (5.103)

The recursive update of the coefficient vector wi[n] is obtained by inserting (5.95), (5.91),
(5.103), (5.98) and (5.100) into wi[n] = P[n]t[n]. The final nonlinear R-IM2RLS algo-
rithm to estimate the I-path IMD2 interference is summarized in Algorithm 11. Using
the CSF delay-approximation and the DC-notch filter instead of the implicit DC cancel-
lation results in Algorithm 12. The performance of Algorithm 12 has been evaluated by
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5.4 Wiener Model Based Cancellation

Initialization:

P[-1] =vIwithv >0

0« A<1

WI[—l] 75 0

Rxx=F {XXH}

oc>0

pk1 and pg 2 such that LTL = ZZZl pk71p£2
for n=0,1,2... do
z'[n] = wi [n — 1] (x[n]x[n] — Rxx)
z¢[n] = z[n| * hg[n]
dacaln] = 27 [n)wi [ — 1]+ holn)
eac1[n] = daci[n] — yac[n]
Qo[n] = 1P[n—1]
for k=1...V do

Qp_1[n
‘ Qp[n] = Qp_1[n] — l+p§2(12[k,hl)[kfz}lpk,1pg:?Qk_l[n]

end
_ Qv [n]z¢[n]
k[n] = 1+z{{[‘7/1]ﬂvf[n]zf["}
P(n] = Qv [n] — k[n]z{![n]y 1]
X[n] = oy [n]LT
I

win] = [I— (I—k[n]zf [n]) B[n]L] wi[n — 1] + k[n]eac1[n]

Algorithm 11: Regularized IM2RLS algorithm with implicit DC cancellation using
Riyx.
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5 Adaptive IMD2 Cancellation

Initialization:

P[-1] =vIwithv >0

0kA<1

WI[—l] 75 0

a = 0.998

gaci[—1] = gi[-1] =0

c>0

Pk,1 and py 2 such that LTL = Z}C/Zl pmng

for n=20,1,2... do

z'[n] = wi [n — 1] (x[n]x[n])

zg[n] = z[n — 74

gi[n] = 2" [n]wi[n — 1] * hs[n]

gaci[n] = agac[n — 1] + Gi[n] — giln — 1]
eac1[n] = daci[n] — Jac[n]

Qo[n] = 1P[n —1]

for k=1...V do

‘ Qk[n] — Qk—l[n] _ Qi—1[n]Pr,1 p£29k—1[n]

24P} % 1[n]pr
end

_ Qv [n]z¢[n]
k[n] = 1+z{{[‘r/z]ﬂvf[n]zf[”]

P([n] = Qv [n] — k[n]z{ [n] Qv [n]
3[n] = oQy [n]LT

win] = [I— (I —k[n)zf'[n]) B[n]L] wiln — 1] + k[n]eac1[n]
end
Algorithm 12: Regularized IM2RLS algorithm with CSF delay-approximation and

DC-notch filter.
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5.4 Wiener Model Based Cancellation

numerical simulations and measured data and the results are published in [27]. In the
simulation results provided in Section 5.5.2, a clustered Tx signal is used which results in
a high condition number of the autocorrelation matrix. The measurement setup which
is used to generate the measurement data includes discrete RF components, and the
cancellation results are presented in Section 5.6.2.

The CSF which is used in the replica generation introduces a time delay in the filter
output signal. In case of the IM2LMS algorithm this led to a reduction of the maximally
allowed step-size. For the IM2RLS algorithm this requires a reduction of the parameter
v which is used in the initialization of the matrix P[—1]. Unfortunately, no analytical
maximum value of v depending on 7, could be derived and also in the existing literature
no reference could be found. In the provided simulation results in Section 5.5.2, and in
the cancellations using measured data (Section 5.6.2) the value v = 100 was used.

5.4.8 Incorporating the Estimation of the Q-Path IMD2 Interference

Due to the fact, that the I-, and Q-path IMD2 interference differ only by a real valued
scaling factor hq, the estimated I-path IMD2 replica signal may be used as a reference
to estimate the Q-path IMD2 interference. This may be done by using a linear 1-tap
LMS-, or RLS algorithm which estimates hq (the adaptive filter coefficient is wq) thereby
enabling the estimation of a possible sign difference between the I-, and Q-path IMD2
interference signal. The proposed structure of the cancellation approach is visualized in
Fig. 5.2. The 1-tap LMS-, and RLS algorithm to estimate the Q-path IMD2 interference
is summarized in Algorithm 13 and Algorithm 14, respectively.

Initialization:
O<pu<?2
e>0
wq[—1] =0
for n=20,1,2... do
Jac,qn] = wq[n — 1gacln]
eac,q[n] = dacq[n] — Jac,qln

_ o reac,qnliac,in]
wqQ [n] = wQ [n—1] + +acin]

end
Algorithm 13: Linear 1-tap e-NLMS to estimate the Q-path IMD2 interference

using the I-path IMD2 replica as reference signal.

5.4.9 Complexity Comparison

The computational complexity per iteration of the different IMD2 cancellation algo-
rithms in terms of required real valued multiplications, additions and divisions is sum-
marized in Table. 5.1. It is assumed that all algorithms operate at twice the sampling
rate due to the OSF of 2. The Hammerstein-, and Volterra based algorithms require
a kernel generator to generate the input signal vector. This kernel generator involves
the envelope-squaring operation which requires an OSF of 2. The e-IM2LMS- and the
IM2RLS algorithm are using the envelope-squaring in the replica generation which also
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5 Adaptive IMD2 Cancellation

Initialization:
pl—1] = vq with vg >0
0<A<1
wq[—-1] =0

for n=0,1,2... do

Jac,qln] = woln — 1]gac (n]

eac,qln] = dac,q[n] — Jac,qn]
k[n] = pln—1]gac1[n]
Aq+iac,1n]p[n—1]gac1[n]

pln] = 55 (pln — 1] = k[n]gac,iln]pln — 1)
wq[n] = wq[n — 1] + eac,q[n]k[n]
end
Algorithm 14: Linear 1-tap RLS to estimate the Q-path IMD2 interference using
the I-path IMD2 replica as reference signal.

requires an OSF of 2. It is assumed that the BB equivalent Tx-to-Rx leakage channel
is modeled by a length M FIR channel at an OSF of 2. With this assumption, the
complexity of all algorithms can be compared on the same basis, namely estimate an
IMD2 interference which is caused by the Tx signal which leaked through the length M
leakage channel model.

Furthermore, the complexity is compared for the estimation of the complex valued IMD2
interference thereby estimating the I-, and Q-path IMD?2 interference. The Wiener model
based e-IM2LMS-, and IM2RLS algorithms use a 1-tap LMS- and 1-tap RLS algorithm
for the estimation of the Q-path IMD?2 interference, respectively. The complexity of the
channel-select filtering may not be neglected and is therefore included in the comparison.
It is assumed that the CSF difference equation consists of N real valued coefficients.
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Table 5.1: Complexity per iteration of the IMD2 cancellation algorithms

Algorithm ‘ real mult. ‘ real add. ‘ real div. | Cancellation
Hammerstein (Algorithm 3) SM + N +5 SM + N 2 low
. M?N + 7M?> (M?—-1)N :
Volterra (Algorithm 4) oM 46 L6M2 — M 43 2 medium
. AMP + 8M? +24M | 4M3 + 6M? + 16M .
e-IM2LMS (Algorithm 5) LOMN 4+ N 4+ 9 LOMN 4N — 1 1 medium
. 2MN +12M 2MN +8M .
e-IM2LMS (Algorithm 6) IN46 AN -1 1 high
e-IM2LMS (Algorithm 7) 12M +N +5 10M+N+1 1 high
e-IM2LMS (Algorithm 8) 16M + N +6 12M + N 1 high
. 14M? + 2MN 12M? + 2MN .
IM2RLS (Algorithm 9) LM 4 N L10M 4 N — 5 2M very high
. 10M? + 18M 8M? + 14M .
IM2RLS (Algorithm 10) AN 41 LN_3 2M very high
R-IM2RLS (Algorithm 12) 8M?3 + 26 M? 8M?3 + 16 M> . hich
with L =T +18M + N +1 +17M + N -3 ey s
Additionally 1-tap e-NLMS to 4 3 1 )
each e-IM2LMS variant
Additionally 1-tap RLS to 6 4 1
each IM2RLS variant )

uoIgR[euR,) paseq [OPOJA[ JOUSIM F'G



5 Adaptive IMD2 Cancellation

5.5 Simulation Results

5.5.1 LMS Based IMD2 Cancellation

In this section, the performance of the e-IM2LMS algorithm with the CSF delay-approx-
imation and the DC-notch filter (Algorithm 7) is evaluated. For this, an FDD scenario
with LTE-A signals of 10 MHz bandwidth, QPSK modulation, short cyclic prefix, and an
OSF of 2 is applied. The frequency-selective duplexer is approximated by a 15 tap FIR
system (at the sampling rate of 15.36 MHz) which has an average of 50 dB suppression
near the transmit frequency [4]. The two-tone Rx mixer IIP2 is set to +40dBm as in
[6], and the LNA gain to 20dB. The LNA amplifies the wanted receive signal, the TxL
signal and the noise. Assuming a thermal noise floor at the antenna of -104.5 dBm per
10 MHz and a receiver NF of 4.5 dB, the noise floor of the receiver is at -100 dBm. The
Rx signal power at the antenna is -90 dBm which coresponds to an Rx SNR of 10dB.
The resulting Rx and noise power level at the mixer input are -70dBm and -80dBm
(-108.2dBm/15 kHz), respectively.

_20 T T T T T T T

—40

—60

—80

—100

PSD (dBm/15kHz)

—120

Figure 5.6: Spectrum of the signals at the transmit power of Pry =23 dBm.

Fig. 5.6 shows the spectrum of the signals for an ITP2 of 40 dBm. The baseband equiv-

alent leaked Tx signal ygEL is shaped by the frequency selective duplexer stop-band

frequency response and amplified by the LNA. The total received signal yg%t contains
the wanted Rx signal ygﬁ, the noise signal vpp, and the IMD2 interference signal after
channel-select-, and DC-filtering. The proposed e-IM2LMS type algorithm is compared
to the normalized Hammerstein model based LMS algorithm (Algorithm 3), and to
the normalized Volterra kernel based LMS algorithm (Algorithm 4). To evaluate the
influence of the CSF delay-approximation two versions of the IM2LMS algorithm (Al-
gorithm 6 and Algorithm 7) are included in the comparison. Algorithm 3 uses 15 taps,

and the truncated Volterra kernel based normalized LMS filter has 152 = 225 taps. The
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e-IM2LMS uses 15 taps, the initial coefficient vector® w[—1] = [1073,0,0, ...,0]7, and the
parameter a = 0.998 for the DC-notch filter. The other algorithms are initialized with
the zero-vector. All algorithms run on the sampling rate of 30.72 MHz (OSF=2) which
means that the adaptive filters are not able to estimate the full leakage path (which has
15 FIR filter taps at 15.36 MHz). With this scenario, additionally the behavior of the
algorithms for under-modeling of the leakage channel is evaluated. The Hammerstein-,
and Volterra based algorithms directly estimate the complex valued IMD2 interference
in the I-, and Q-path. The e-IM2LMS algorithm is used to estimates the I-path IMD2
interference whereas the Q-path IMD2 interference is estimated by the 1-tap NLMS
algorithm (Algorithm 13) which uses the I-path IMD2 replica as reference input. The
step-size of the e-IM2LMS algorithm is chosen as g = 1/500, for the Hammerstein
model based LMS p = 1/1500, and for the truncated Volterra kernel based LMS the
step-size is set to u = 1/300. The 1-tap NLMS algorithm uses a step-size of 1/100,
and the initial coefficient is set to wq[—1] = 0. The common regularization term is
chosen as ¢ = 0.001. The step-sizes are chosen to give the best possible compromise
between convergence time and steady-state cancellation for each algorithm. To compare
the convergence behavior of the algorithms, the ensemble NMSE (5.104), and the SINR
in steady-state (5.105) [9, 23] are used as performance measure:

UyIMm (] @Ac[n]ﬂ
NMSEqgg[n] = 10log;, UyIMDz m ] (5.104)
E (|85
SINR4p = 10log;, - - - (5.105)
B |y85 ) — yis () — gach)’]

The convergence behavior of the compared algorithms at a transmit power of 23 dBm
is depicted in Fig. 5.7. The proposed e-IM2LMS type algorithms reach -10dB NMSE
after three LTE slots (46080 samples with OSF=2) which is four times faster than the
Volterra kernel based LMS. Note, that one LTE10 slot corresponds to 7 LTE10 symbols.
Decreasing the step-size in the Hammerstein model based algorithm does not lead to a
reduction of the NMSE because the algorithm is not suitable for strongly frequency-
selective Tx-to-Rx responses. The truncated Volterra kernel based adaptive LMS uses
a high number of taps which increases the EMSE [61]. The Rx SINR improvements at
different transmit power levels for an Rx SNR of 10 dB, and 3 dB are depicted in Fig. 5.8
and Fig. 5.9, respectively. The proposed nonlinear e-IM2LMS significantly improves the
Rx SINR nearly up to the Rx SNR.

SFor a practical implementation it is suggested to initialize the first entry of w[—1] with the smallest
representable positive number.
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Figure 5.7: Convergence behavior of the different adaptive algorithms.

Figure 5.8:
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Figure 5.9: Improvement of the Rx SINR by the different adaptive IMD2 cancellation
algorithms at different transmitter power levels and the Rx SNR of 3dB.

5.5.2 RLS Based IMD2 Cancellation

The performance of the R-IM2RLS algorithm using the CSF delay-approximation and
the DC-notch filter (Algorithm 12) is evaluated using an FDD scenario with an LTE10
multi-cluster intra-band Tx signal which has a native sampling frequency of 15.36 MHz,
QPSK modulation and short cyclic prefix. The I-path IMD2 interference is estimated by
the R-IM2RLS, while the Q-path IMD?2 interference is estimated by the linear 1-tap RLS
algorithm (Algorithm 14) which uses the I-path IMD2 replica signal as reference input.
The resulting multi-cluster TxL signal has a strong frequency-selectivity as indicated by
Fig. 5.10. The R-IM2RLS in the I-path has 15 taps and runs on the sampling rate of
30.72MHz due to the OSF of 2. This means, the adaptive filter is not able to estimate
the full leakage path (which has 15 FIR filter taps at 15.36 MHz). With this scenario,
additionally the behavior of the algorithm for under-modeling of the leakage channel is
evaluated. The linear 1-tap Q-path RLS runs on the sampling rate of 30.72 MHz, too.

The received signal d[n] is DC filtered and the proposed algorithm is using the DC-
notch filter to suppress the DC of the IMD2 replica signal. The thermal noise floor of
the receiver is assumed at -104.5dBm per 10 MHz and the receiver NF is 4.5dB. The
resulting receiver noise floor with 20dB LNA gain is at -80 dBm =-108.2dBm/15 kHz
and the Rx power is -77 dBm assuming an Rx SNR of 3dB. To have a more challenging
scenario for the IM2RLS algorithm as for the e-IM2LMS algorithm, the assumed Rx
mixer [IP2 is increased from 40 dBm to 60 dBm. This corresponds to an Rx SNR de-
sense of 1dB for the specific intra-band multi-cluster transmit signal at 23 dBm power
level. The spectrum of the signals for Ppy = 23 dBm is depicted in Fig. 5.10. It can be
observed, that the resulting IMD?2 interference yg\ém is below the receiver noise floor but
still leads to an SNR degradation of 1dB. The depicted estimated interference replica
yac is estimated by the R-IM2RLS in the I-path and the 1-tap RLS in the Q-path.
The multi-cluster LTE10 Tx signal uses 21/50 RBs (252 subcarriers from 1024), which
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Figure 5.10: Spectrum of the signals for the multi-cluster Tx scenario with the transmit
power Ppy =23 dBm and the mixer IIP2 of +60 dBm.

means that 3.78 MHz of the available 9.015 MHz are allocated. With an OSF of 2 this
corresponds to an allocated bandwidth-to-sampling-rate ratio of 3.78/30.72 = 0.12 which
introduces a high correlation in the transmit BB samples. The resulting condition num-
ber cond(R) of the 15 x 15 dimensional autocorrelation matrix R = F {zzf'} is on the
order of 107 which may lead to numerical problems. The regularization of the R-IM2RLS
improves the numerical properties of the estimated matrix P[n]. The forgetting factor
of the R-IM2RLS is chosen as A = 0.9999, P[—1] = 100I, and the regularization con-
stant 0 =1 x 1075, The 1-tap RLS in the Q-path uses the same forgetting factor but
the initial value p[—1] = 1 x 103. The coefficient vector of the R-IM2RLS is initialized
with wi[—1] = [1073,0,0,...,0]7 for the I-path, and the 1-tap Q-path RLS is initialized
with zero. The performance is evaluated for the different regularization matrices L = I
(Tikhonov regularization), L as described by (5.88) (first order derivative smoothing
matrix), and L as described by (5.89) (second order derivative smoothing matrix). The
IM2RLS without regularization is not included in the comparison due to numerical in-
stability reasoned by the extremely high condition number of R which is on the order
of 107. The performance of the R-IM2RLS is compared with the e-IM2LMS algorithm
(Algorithm 7) [7]. The e-IM2LMS algorithm uses the step-size ;1 = 0.005, the regulariza-
tion parameter v = 0.001, and the initial coefficient vector wi[—1] = [1073,0,0, ..., 0]T.
The Q-path IMD2 replica is estimated by a linear normalized 1-tap LMS (Algorithm 13)
which uses the I-path IMD2 replica estimated by the e-IM2LMS as reference input sig-
nal. The normalized 1-tap LMS uses a step-size of 1/100, the regularization parameter
is set to 0.001 and the initial coefficient is set to zero. The value of the step-size is set
to the best compromise between steady-state cancellation and convergence time.

The convergence of the algorithms is compared using the ensemble NMSE, and the

steady-state cancellation by the SINR. The convergence behavior of the algorithms is
depicted in Fig. 5.11. The R-IM2RLS shows a faster initial convergence than the
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Figure 5.11: Convergence of the R-IM2RLS variants and the e-IM2LMS algorithm at the
transmit power level of Ppy = 23 dBm.

e-IM2LMS algorithm (including the 1-tap NLMS/RLS in the Q-path) which takes about
twice as long to reach an NMSE of -10 dB. The SINR improvement of the Rx signal for
the different algorithms and regularizations is depicted in Fig. 5.12. All three regular-
ization matrices lead to nearly the same SINR improvement. The steady-state SINR
improvement of the e-IM2LMS algorithm is slightly below the IM2RLS algorithm. The
evolution of the condition number of R/[n] = P[n]~! is illustrated in Fig. 5.13. The
condition number of R estimated by the IM2RLS without regularization drastically in-
creases up to values between 107 and 10%. In contrast to that, the condition number of

R’ estimated by the R-IM2RLS with different regularization matrices L stays below 400

3.25 T
Rx SNR=3dB
31 =
[aa)
T 2751 2
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E improvement
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_ Algorithm 12 with L =1
295 H— Algorithm 12 using (5.88) =
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Figure 5.12: Improvement of the Rx SINR at different transmitter power levels and an Rx
mixer [TP2 of +60dBm. The algorithms are using the DC-filtered receive
signal, and the R-IM2RLS/IM2LMS algorithms are using the DC-notch
filter to remove the DC.
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Figure 5.13: Evolution of the condition number of R'[n] = P~1[n] for a clustered alloca-
tion like depicted in Fig. 5.10 and 23dBm transmit power. The condition
number of R = F {ZZH } without regularization is on the order of 107.

for the specific clustered Tx example. The ITP2 improvement after the digital IMD2
cancellation is summarized in Table 5.2 and may be calculated by reformulating (2.84)
to:
HP2after canc. = QP%%(L - PICIi/[S;"{;thg canc. CF
=2-(23dBm — 50dB + 20 dB)

+102.05dBm — 10.85dB = 77.2dBm (5.106)

The correction factor of 10.85 dB, which is obtained by simulations, corrects the IMD2
power calculated with the 2-tone formula (2.64) to the channel-select, and DC-filtered
in-band IMD2 power for the specific clustered LTE10 Tx signal case. For the calculation
of the ITP2 improvement, the IMD2 power without DC is used. The R-IM2RLS-, and
the e-IM2LMS algorithm are improving the ITP2 from 60dBm to about 77 dBm and
73 dBm, respectively.

Table 5.2: IIP2 improvement by digital cancellation for the clustered Tx signal
Algorithm ‘ IIP2 after canc.

R-IM2RLS (Algorithm 12) with L =1 77.2dBm
R-IM2RLS (Algorithm 12) using (5.88) 76.5dBm
R-IM2RLS (Algorithm 12) using (5.89) 76.4dBm

e-IM2LMS (Algorithm 7) 73 dBm
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5.6 Verification with Measured Data

The developed Wiener model based IMD2 cancellation algorithms are also tested with
measurement data. Two measurement scenarios are investigated. The first measurement
setup is based on a real RF transceiver chip provided by the industrial partner. Here,
the TxL signal caused IMD?2 self-interference is measured by the integrated I1Q-receiver
which includes 25% duty-cycle mixers. The following algorithms were evaluated with
the obtained measurement data:

e Algorithm 6: e-IM2LMS algorithm with DC-notch filter and CSF in the coefficient
update.

e Algorithm 7: Patented e-IM2LMS algorithm with DC-notch filter and CSF delay
approximation.

e Algorithm 8: eIM2LMS algorithm with simplified implicit DC cancellation and
CSF delay approximation.

e Algorithm 10: IM2RLS algorithm with DC-notch filter and CSF delay approxima-
tion.

In this comparison, the performance of different versions of the e-IM2LMS algorithm is
evaluated in a real measurement scenario. It turns out, that all variants have nearly the
same IMD2 cancellation performance. Furthermore, their performance is compared to
the IM2RLS algorithm.

In the second scenario, a measurement setup consisting of discrete RF components (PA,
LNA, mixer, duplexer) compared to the integrated RF chip in the first scenario is used
to generate the TxL signal caused IMD2 interference. In this scenario the following
algorithms are evaluated:

e Algorithm 7: Patented e-IM2LMS algorithm with DC-notch filter and CSF delay
approximation.

e Algorithm 12: R-IM2RLS algorithm with DC-notch filter and CSF delay approxi-
mation.

In this scenario the performance of the R-IM2RLS algorithm is evaluated with measured
data and its performance is compared to the e-IM2LMS algorithm. However, no multi-
cluster Tx signal is used and therefore also the IM2RLS algorithm without regularization
is applicable in this scenario.

5.6.1 Measurements from the Transceiver Chip

The functionality of the derived e-IM2LMS- and IM2RLS algorithm is demonstrated
using measured IQ data streams from a real transceiver chip which contain the IMD2
interference. The mixers in the receiver are implemented as 25% duty-cycle current-
driven passive mixers (see Section 2.2 for details). The transmitter within the trans-
ceiver operated at fry = 1856 MHz, and the receiver LO was set to frx = 1936 MHz
which corresponds to LTE band 2. The transceiver chip is mounted on an engine-board
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Figure 5.14: IMD2 interference cancellation with the e-IM2LMS using the simplified im-
plicit DC cancellation and the CSF delay approximation (Algorithm 8).
The measured data was obtained from a real integrated RF transceiver.

which includes the band 2 duplexer. The measured I1Q data streams were used for the
digital post-cancellation in Matlab. The used cancellation architecture is depicted in
Fig. 5.2. The I-path IMD2 interference was estimated using the e-IM2LMS/IM2RLS al-
gorithm, whereas the Q-path IMD2 interference was estimated by the 1-tap NLMS/RLS
algorithm (Algorithm 13/Algorithm 14) which used the estimated I-path IMD2 replica
signal as reference input. The transmit signal was an LTE10 signal with full allocation,
short cyclic prefix and QPSK modulation. The resulting transmitter leakage signal yggL
which is depicted in Fig. 5.14 indicates a highly frequency-selective duplexer stop-band

frequency response. The TxL signal caused BB IMD2 interference yg\éDQ was measured

by the receiver in the chip. The total received signal yg%t was obtained in Matlab by
adding a simulated Rx signal with full allocation to the measured IMD2 interference
signal stream yg\ém. With this approach any desired Rx SINR may be created. The
spectrum of the total received signal ygg including the wanted Rx signal and the IMD2
interference is depicted in Fig. 5.14. Furthermore, the spectra of the estimated IMD2
interference yac = gac1 + jyac,q (after convergence of the adaptive filters), the re-
maining IMD2 interference, the Rx signal and the noise floor are visualized. It can be
observed, that a very good estimation of the IMD2 interference signal yg\ém is obtained
by the replica signal §ac. The Rx SINR before the digital cancellation was chosen to be
-1dB which increases to about 12.5dB and 15.2dB after the digital cancellation using

the e-IM2LMS- and the IM2RLS algorithm, respectively.

The step-size of the e-IM2LMS algorithm is set to p = 1/150, the regularization pa-
rameter ¢ = 0.001, the DC-notch parameter ¢ = 0.998 and the coeflicient vector was
initialized with wi[—1] = [1073,0,0,...,0]7. The simulation showed that M = 20 coeffi-
cients were needed to cancel the IMD2 interference which was generated by the heavily
frequency-selective TxL signal ygX" (see Fig. 5.14). The 1-tap NLMS algorithm for the
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Q-path uses the step-size p = 1/100, the regularization parameter ¢ = 0.001, and the
initial coefficient vector wq[—1] = 0. The IM2RLS algorithm uses the forgetting-factor
A =0.9999 and P[—1] = 100I. The 1-tap RLS in the Q-path uses the same forgetting
factor and the initial parameter p[—1] = 1 x 103. The coefficient vector of the I-path
IM2RLS algorithm was initialized with wi[—1] = [1073,0,0,...,0]7, and the 1-tap RLS
with zero.

The convergence behavior of the e-IM2LMS algorithm (Algorithm 8), and the 1-tap
NLMS algorithm is depicted in Fig. 5.15. The e-IM2LMS algorithm uses 20 complex
valued coefficients (wyg...wr19) and the 1-tap NLMS the single real valued coefficient
wq. The coefficients reach the steady-state after about 11 LTE10 symbols which corre-
sponds to a convergence time of 785us. The real-, and imaginary parts of the 20 I-path
coefficients in steady-state are depicted in Fig. 5.16. The coefficient wqg which scales
the I-path IMD2 estimate to the Q-path IMD2 interference is about 0.9 which proves
that the I-, and Q-path IMD2 interference are not equal. The IM2RLS algorithm and
different versions of the e-IM2LMS algorithm are evaluated with respect to the Rx SINR
improvement and convergence time. The Rx SINR improvement after the digital IMD2
cancellation from an initial SINR value of -1dB and the required convergence time is
summarized in Table 5.3.

1 T T T T T T T T T T T T
— 8%: —E—IMQLMSZ”U)LZ“
5 04t
0.%* = = — = —
0 1 2 4 5 6 7 8 9 1011 12 13 14 15 16 17 18 19
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o 0.6
3 04 .
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LTE10 symbols (1 symbol corresponds to 71.35us)

Figure 5.15: Convergence of the 20 I-path e-IM2LMS coefficients (top) and the single
Q-path coefficient (bottom).

123



5 Adaptive IMD2 Cancellation

2
s 1k o eIM2LMS: R {wr;} ||
5 g
—~ 0 o090 @ o 6 © © © 0 06 o 06 © 0 o o ©
g _1 | | | | | | | | |
0o 2 4 6 8 10 12 14 16 18 20
P
el S o eIM2LMS: S {wr;}
3 q o Q. o o Q
© Vg g oo o6 gt e o oo oo
0 2 6 & 10 12 14 16 18 20
|
8'§Q | | " | o Qpath: 1 tap NLMS coefficient wq |1
o 0o 7
S 04f ]
0.2 | ]
0 | | | | | | | | |

0 2 4 6 8 10 12 14 16 18 20
?

Figure 5.16: Real part of the estimated e-IM2LMS coefficients (top), imaginary part of
the estimated e-IM2LMS coefficients (middle), and single real valued Q-path
coefficient (bottom).

Table 5.3: Summary of the SINR improvement and the convergence time

Algorithm SINR after canc. Convergence time
e-IM2LMS (Algorithm 6) 12.5dB 10.5 LTE10 symbols
e-IM2LMS (Algorithm 7) 12.5dB 11 LTE10 symbols
e-IM2LMS (Algorithm 8) 12.4dB 11 LTE10 symbols
IM2RLS (Algorithm 10) 15.2dB 6 LTE10 symbols

5.6.2 Measurement Setup with Discrete RF Components

The proposed R-IM2RLS algorithm (Algorithm 12) with the 1-tap RLS algorithm (Al-
gorithm 14) in the Q-path was evaluated with measurement data from a setup with
discrete RF components and Matlab post-processing. For this evaluation the adaptive
filter structure shown in Fig. 5.2 was used. The measurement setup (A) depicted in
Fig. 5.17 included the PA ZVA-183G+ which has a gain of 38dB, a 1dB compression
point of Pjgg = 25dBm and an IP3 of 36 dBm. The output of the PA was connected to
the commercial LTE band 2 duplexer model B8663 from TDK. The antenna port of the
duplexer was terminated with a 50 () impedance, and the Rx port of the duplexer was
connected to the LNA ZX60-83LN12+ which has 22dB gain, a NF of 1.4dB, and an
IP3 of 35.2dBm (at 2 GHz). For the down-conversion, the ZAM-42 Level 7 mixer was
used which has 25 dB LO-to-RF terminal isolation. No additional filters were used in the
transmitter and receiver chain. The measurement was carried out for the I-path mixer
and a fully allocated LTE-A transmit signal with 10 MHz bandwidth, QPSK modula-
tion and short cyclic prefix. The transmit frequency was set to frx = 1.855 GHz and the
mixer LO frequency was frx = 1.935 GHz (80 MHz duplexing distance). The LTE trans-
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5.6 Verification with Measured Data

Figure 5.17: Measurement setup including the DUT (A) with the PA ZVA-183G+,
the LNA ZX60-83LN12+, the mixer ZAM-42 from Mini Circuits and the
LTE band 2 duplexer B8663. The signal generator R&S SMW 200A (B)
generates the LTE transmit signal which is amplified by the PA. The R&S
real-time oscilloscope RTO 1044 (C) is used to measure the BB signal at
the output of the mixer. The R&S FSW26 spectrum analyzer (D) is used
to measure the TxL signal, and the signal generator R&S SMB 100A (E)
generates the mixer LO signal.

mit signal was generated by the R&S SMW 200A signal generator (B) and amplified by
the PA. The transmit signal leaked through the duplexer stop-band into the receiver
with 80 MHz frequency offset to the LO signal and was amplified by the LNA. This am-
plified TxL signal generated the BB IMD2 interference at the output of the mixer which
was measured with the real-time oscilloscope RTO 1044 (C) using the BB I/Q-interface
(RTO-K11 option). This option allows to set the oscilloscope sampling frequency to the
native LTE sampling frequency (a sampling rate of 15.36 MHz for 10 MHz LTE signals
was used) and includes also a channel-select filtering. The TxL signal at the output of
the LNA was measured by the R&S FSW26 spectrum analyzer (D), and the LO signal
with 7dBm for the ZAM-42 mixer was generated by the R&S SMB 100A signal generator
(E). The measurement of the TxL signal, and the BB IMD2 interference were performed
separately such that the circuit load was always kept constant with 50 Q2 impedance.

The transmit power at the output of the PA was set to Pgh’f = 24 dBm, which in combi-
nation with the duplexer attenuation of 66.6 dB (at frx = 1.855 GHz) and the LNA gain
of 22 dB led to the TxL signal power of Pg}’éL = 24dBm — 66.6dB + 22dB = —20.6 dBm.
The measured I-path mixer BB output data stream and the complex valued BB trans-
mit samples are up-sampled by the factor of 2 (because the proposed algorithm includes
the envelope-squaring which doubles the signal bandwidth) and used for the Matlab
post-processing. The spectrum of the signals before and after the digital cancellation
with the R-IM2RLS (Algorithm 12) using a Tikhonov regularization and the param-
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Figure 5.18: Spectrum of the measured BB equivalent TxL signal ygﬁL and the receive

signal y%%t’l including noise and the IMD2 interference. The BB equivalent

TxL signal shows a strong frequency selectivity. Also shown are the spectra
of the estimated IMD2 replica yac 1 and the remaining IMD2 interference
plus noise after the cancellation.

eters P[—1] = 100I, A = 0.9999, 0 = 107% and L =1 are depicted in Fig. 5.18. The
Matlab post-cancellation revealed that 15 taps were sufficient to reduce the IMD?2 in-
terference nearly down to the noise floor. The coefficient vector was initialized with
wi[—1] = [1073,0,0,...,0]7, and the convergence behavior of the 15 coefficients is shown
in Fig. 5.19 which indicates that the algorithm converged after about 5 LTE symbols. To
determine the IIP2 improvement achieved by the digital cancellation, the true BB IMD2
interference signal needs to be known. In the measurement, the true IMD2 interference
is embedded in noise and cannot be measured explicitly. Additionally, the correction
factor CF used in (5.106) is not known because it is duplexer dependent. However, the
true IMD2 signal may be approximately reconstructed by computing the envelope of the
measured TxL signal

~IMD2,TxL TxL,I X 2 =
Ogp 0] =y |ypE-(n]|” * hs[n] (5.107)

with subsequent channel-select filtering and removal of the DC component. Finally,

the factor aQTXL’I is adjusted until the reconstructed IMD?2 interference gjg\g?Q’TXL gives

the best spectral match with the measured signal yg‘]g“,l. The resulting spectrum of the

reconstructed IMD2 interference using (5.107) is depicted in Fig. 5.20 where a good

match with the total received signal yg%tJ is achieved. Also the error signal between
the reconstructed IMD2 interference ggg?’TXL and the IMD2 replica signal §ac 1 is

visualized. Finally, the obtained IMD2 cancellation is estimated by using the NMSE in
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Figure 5.19: Evolution of the 15 coefficients |wy ;| for i = 0...14 which are estimated by
the R-IM2RLS algorithm. Plotted are the absolute values of the complex
valued coefficients. Convergence is achieved after around 5 LTE symbols (1
LTE symbol has the duration of 71.35us).

steady-state [9]

2
E ?31131\1%],312’TXL [n] — Z)Ac,l[n]’ ]
NMSEdB =10 10g10 D2 oL D)
E[@BB,I T [”]’ ]
— —16dB (5.108)

which indicates an IMD2 interference cancellation of 16 dB. This corresponds to an
increase of the ITP2 of the same amount. In Table 5.4, the performance of the R-IM2RLS
algorithm is compared to the e-IM2LMS algorithm. In this scenario no Rx signal is used,
therefore the ITP2 improvement is used as performance measure instead of the SINR.
The parameters for the e-IM2LMS algorithm are chosen to give a good compromise
between convergence time and steady-state performance. The step-size is chosen as
i = 1/150, the regularization term ¢ = 0.001 and the parameter of the DC-notch filter
is a = 0.998. It can be observed, that the e-IM2LMS algorithm needs a long time to
converge. In contrast to that, the R-IM2RLS algorithm shows a better IIP2 improvement
and converges within 5 LTE10 symbols which corresponds to 357 us.

Table 5.4: Improvement of the effective ITP2

Algorithm IIP2 improvement | Convergence time
e-IM2LMS (Algorithm 7) 12.8dB 37 LTE10 symbols
R-IM2RLS, L =T (Algorithm 12) 16dB 5 LTE10 symbols

5.7 Conclusion

Different variants of the nonlinear e-IM2LMS-, and the IM2RLS algorithm were evalu-
ated in simulations and with measured IMD2 data. Simulations using the e-IM2LMS
algorithm validated that the CSF delay approximation has a minor performance in-
fluence. The performance of the R-IM2RLS algorithm was assessed in an intra-band
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Figure 5.20: Spectrum of the reconstructed IMD2 signal §pp using the measured
TxL signal. The IMD2 signal which is estimated by the R-IM2RLS algo-

rithm using the total received signal yg%t’l and the ideal transmit IQ-samples

closely matches the reconstructed IMD2 signal. The remaining IMD2 signal
spectrum lies below the noise floor.

multi-cluster transmission scenario where regularization was needed to provide stability
of the algorithm. The R-IM2RLS algorithm showed an improved performance compared
to the e-IM2LMS algorithm in terms of convergence speed and steady-state cancellation.
However, in a real implementation the e-IM2LMS algorithm might be preferred due to
its lowered computational complexity. The algorithms were also evaluated with mea-
sured IMD2 data. In the first setup the measurement data was obtained from a real RF
transceiver chip. An SINR improvement of 13.5dB and 16.2dB could be achieved by
using the e-IM2LMS-, and the IM2RLS algorithm, respectively. In the second scenario,
the measurement data was obtained by a setup with discrete RF components. Here, an
ITP2 improvement of 12.8 dB, and 16 dB could be achieved by using the e-IM2LMS-, and
the IM2RLS algorithm, respectively.
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Conclusion and Qutlook

In this thesis, two main receiver desensitization effects have been addressed. The first
effect occurs in FDD transceivers, where a part of the transmit signal leaks into the
receiver and causes a receiver self-interference. The second effect is the harmonic down-
conversion of blocker signals due to the harmonic response of the receive mixers which
are implemented as square-wave mixers. To be able to find countermeasures for both
types of receiver interferences, a detailed modeling of the TxL signal caused receiver self-
interferences and also the used 25% duty-cycle current-driven passive mixers is provided
in this thesis.

In this work, the receiver self-interference which is caused by the TxL signal is miti-
gated by adaptive filtering in the digital BB. For this purpose, the mathematical models
of several linear and nonlinear receiver interferences have been derived. The adaptive
filtering sections in this thesis focus on the digital cancellation of the modulated spur-,
and the IMD2 interference. The modulated spur interference may be generated by LO-
LO cross-talk in inter-band CA or also in intra-band CA scenarios where a split-LNA
is used. For both cases the modulated spur interference may consist of a main and an
image interference part. The derived widely-linear adaptive filter structure to cancel the
main and the image modulated spur interference can be used in both cases. In this work
the cancellation of the modulated spur interference was demonstrated by simulations,
and the results were published in [9]. The performance of four different adaptive algo-
rithms was compared and it turns out that the e-VSSNLMS algorithm represents the
best compromise regarding performance and computational complexity.

The main focus of this thesis is the pure digital cancellation of the IMD2 interfer-
ence which is generated by the second-order nonlinearity of the Rx mixer. Traditional
Volterra kernel based approaches to cancel the IMD2 interference suffer from a high
computational complexity of order O(M?) for LMS based algorithms and O(M?*) for
RLS based algorithms, respectively. This thesis presented novel nonlinear Wiener model
LMS-, and RLS based algorithms to cancel the IMD2 interference in the digital BB.
The computational complexity of the proposed algorithms is O(M) and O(M?) for the
LMS-, and the RLS algorithm based cancellation, respectively. The Wiener model uses
a static nonlinearity at the output of the adaptive filter which has the advantage that
less coefficients are necessary in the estimation process compared to a Volterra kernel
based adaptive filter. The proposed e-IM2LMS algorithm is a nonlinear normalized and
regularized LMS based algorithm. For the IM2RLS algorithm also a regularized version
was derived (R-IM2RLS) which is applicable for highly correlated transmit signals like
used in LTE multi-cluster transmissions. Both algorithms are able to estimate the IMD2
interference in case of a highly frequency-selective Tx-to-Rx frequency responses. The
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6 Conclusion and Outlook

performance of the algorithms was demonstrated by simulations with different Rx SNR
scenarios, and both algorithms outperformed the traditional Volterra kernel LMS based
approach in terms of adaptation speed and cancellation performance.

The performance of the Wiener model based algorithms was also demonstrated using
measurement data. In the first setup the measurement data was obtained from a real
integrated RF transceiver chip which is developed and manufactured by the industrial
partner. The proposed e-IM2LMS algorithm and the R-IM2RLS algorithm were able
to improve the Rx SINR from -1dB up to 12.5dB and 15.2dB, respectively. The co-
efficients of the e-IM2LMS algorithm converged after 11 LTE10 symbols whereas the
R-IM2RLS algorithm needed only 6 LTE10 symbols. The second measurement setup
included discrete RF components. Here, the mixer IIP2 could be increased by 12.8dB
and 16 dB with the e-IM2LMS-, and the R-IM2RLS algorithm, respectively. The pre-
sented e-IM2LMS algorithm was patented by the industrial partner and resulted in the
U.S. patent US 2018/015417 which was filed in June 2017. The derivation and the per-
formance evaluation of the e-IM2LMS-, and the R-IM2RLS algorithm were published in
[7], and [27], respectively.

The square-wave mixer implementation in the receiver causes harmonics in the transis-
tor control signals. This leads to a harmonic response of the mixer which down-converts
unwanted spectral components to the BB. Consequently, the reception of the wanted Rx
signal is degraded. In this thesis, a harmonic rejection concept to reject specific harmon-
ics in the control signal of the 25% duty-cycle current driven passive mixer was presented.
The proposed control scheme was implemented in a Cadence circuit simulation using the
Virtuoso platform and a 28 nm technology package. The proposed harmonic rejection
approach showed a superior suppression of the harmonic mixer response. The developed
HR mixer concept for 25% duty-cycle mixers was patented by the industrial partner and
resulted in the U.S. patent US 9,935,722 B2 which was filed in June 2016 and granted
in March 2018. The generation of the HR control signals using digital-to-time convert-
ers (DTCs) was also patented by the industrial partner and resulted in the U.S. patent
US 9,755,872 B1, which was filed in August 2016 and granted in September 2017.

Future investigations may contain the digital cancellation of Tx harmonics and of higher
even-order intermodulation distortions as the IMD4-, and the IMD6 interference. Fur-
thermore, in this thesis it is assumed that only one interference desensitizes the receiver
at a certain time. Another obvious aspect to be addressed is therefore the investigation
of optimum digital cancellation strategies for co-existing receiver interferences.
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Appendix

A.1 Power Spectral Density Plots

The PSDs in this thesis are plotted with respect to the signal power within a specific
bandwidth e.g. dBm/15kHz. If the signal has a frequency-flat spectrum (which is
approximately true for LTE signals), then the magnitude value of one frequency bin
with the bin spacing Af = 15kHz may be calculated as

5 [

Poin = 521 1 {571, (A1)

Here PRy is the signal power, B the signal bandwidth (e.g. 9.015 MHz for LTE10) and
Af = fs/Nrrpr where fs is the sampling frequency and Nppr the number of FFT bins.
The bin power in dBm/15kHz is then

Py = 1010g;, ( Fbin ) [ dBm ] : (A.2)

1mW 15 kHz

A.2 Spur Generation in 25% Duty-Cycle Mixers with the
Split-LNA Configuration

The Fourier coefficients of the I+ control signal in the 25% duty-cycle mixer with the
pulse width jitter 2§, and the LO phase offset 1,0 are
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and allowing slow variations of § and ¢ compared to fr0, the Fourier coefficients includ-
ing amplitude- and phase-noise may be expressed as

1 o(t o S(t )
cp(t) = A [4 + 2T£C))] e *isinc (k‘z + k:27rTic))> e Ikero(®), (A.4)
By using ¢ (t) = A H + 2%} sinc (kz% + k:QTr%), the coefficients ¢ (t) may be rewrit-
ten as cg(t) = c%(t)efjk%e_jk“’w(t). The resulting model for the four mixer phases

I+,1-,Q+ and Q- of the first 25 % duty-cycle IQ-mixer (aggressor) including amplitude-,
and phase-noise becomes [29]

(o]
pLoyit(t) = Y am,(H)emPmrot (A.5)
Ooml—foo
pLosi(t) = D (=1)™ap, ()Mot (A-6)
ml:();oo
PLoyQ+(t) = Y €™M Tay, (t)el ™o (A7)
mljo—oo
pLosa-(t) = > &M Eay, (t)ed™MEm o, (A.8)
mi1=—00

The control signals of the second mixer (victim) are

00
PLO, 1+ () = Z bmz(t)ejmﬂﬁfLOQt (A.9)
oomz__oo

oat(t) = 3 (1), ()i r0nt (A.10)
mg:O;oo

pL027Q+(t): Z eiij%bmz(t)ejmﬂﬁfLOQt (A.11)
mg:o—oo

PLos.q(t) = D &3y, (t)e/ AT 0o, (A.12)
mo=—00

where a,,, and b,,, are the Fourier coefficients (A.4) of the first (LO;) and second (LO2)
mixer, respectively. In the following spur model it is assumed, that each of the four mixer
control signals of LO; (aggressor) couples to each of the four phases of LOy (victim).
This corresponds to 16 coupling paths as depicted in Fig. 2.13. The resulting spur
current in the victim mixer LO2 generated by a coupling between the second harmonic
of LO; (my = £2), and the fundamental of LOy (mg2 = £1) becomes

L Tx
ifps (1) = iRe () e10PL0y 14 () + M1PLOy 1 (8) + YQ414-PLO .+ (1)

+7Q-14PL01,Q- (1)] PLO, 1+ (1)
= ZE)EL(t) [’YH—H— (GQ(t)632w1t + a;(t)e_ﬂwlt) + Vi (a2(t)612w1t + a;(t)e_ﬂwlt)
Qi1+ (az(t)e Imel2Nh 4 b (t)el eIt

oy (as(t)ed™ed2t g3 (#)e T I2t) ] L (by (£)ed2t 4 b¥(t)e w2t |
Q-1+ s 1 -
A.13
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where wr,0, = 27 fLo,, wLO, = 27 fLO, and 7 is the coupling coefficient between the mixer
branches. E.g. vr.1+ is the coupling coefficient from the I- phase of LO; to the 4 phase
of LOs. By defining wsp, = 2wr,0, — w0, the current in the I+ branch of LO2 becomes

ipds () = iRE (1) enr + yerr — YQinr — YQat] (a2(B)bi(£)e/>" 4 a5 (t)by (t)e 72!
= 2igg () (Y1t + e — Qi1+ — Q14
e
a0 (#)cos (wipt — 2610, (1) + $10,(0) — )

(A.14)
The I- branch current becomes
.LO2 ) = - TxL
igp () = irr (8) [V141PL01 14+ (8) + Y1pLog 1 (B) + 7Q+1-PLO.Q+ (1)
+7Q-1-PLO1,Q-(1)] PLO, 1 ()
(A.15)

= —2ipi" () [y + 71 — Q41 — Q)
s
- ab(£)0) (#)cos (wipt — 2610, (1) + w104 (1) = 7 )

and the resulting differential spur current in the I-phase results in
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a0 (t)cos (wapt — 2610, (1) + proa(t) = 7).

(A.16)
Similarly, the currents in the Q-branch are
ifpos () = ik (t) [ QPLOy 1+ (B) + MqPLoy 1 () + 9Q 4 Qi PLOLQ+ (1)
+7Q-Q+PL0;,Q- (V)] PLO,,Q+ (1)
= —2ig5" (1) [1rQ+ 710+ — VQ+Q+ — 7Q-Q+] (A-17)
ab(£)0) (B)sin (wspt — 2010, (1) + pLoy(t) = 7 )
and
inpiq-(t) = ike () [rq-pLoy.is (8) + 1q-pLos () +7+Q-PLoy Q1+ (1)
+70-Q-PLO1,Q- (V)] PLO2,q- (£)
= —2ipi (1) [rq- + Q- — Yorq- — 1) (A.18)
- ab(1)0) (#)sin (wspt = 210, (1) + LOy(1) = 7 )
which leads to the differential spur current in the Q-path
ifpig(t) = — (ireq+ (1) — irr.q- (1))
= —2ii" (1) yqaa(1)by (t)sin (wspt — 2010, (t) + ¢r0,(t) — %) ; (19
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where 7q = —71+Q+ — Q- + 7Q+Q+ +7Q-Q+ +71+Q- + Q- — 7Q+Q- — 7Q-Q-- The trans-
mitter leakage signal creates the LNA output current zTXL( ) which is first mixed by the

aggressor LO; and subsequently mixed by the victim LOy. Combining these mixing
processes with the I-, and Q-component of the complex valued spur, the complex RF
current in the victim LO» results in

iHp2 (1) = i23(1) + Jingi (1)
T
= 20 (Oas(1)0 (1) 11008 (wipt = 2010, () + 00, =) (A.20)
. . T
—J]7YQsin (wspt — 290L01 (t) + PLOo (t) — Z)] s

and with the identities, cos(¢) = % (ej‘p + e*j‘P) and sin(yp) = % (ej“’ — e*jﬁ") the current
becomes

inp? (1) = 2 i (£)ay ()b (1)
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— 2R ({5 ()™} [ Kraz (Db t)e 70" + Kaan(t)bi (t)e |
= (B et 4 (g (eI

- [Kuab(t)br(t)e 7P + Kaa(t)bi(t)e’r"] .

Psp (1)

(A.21)
It can be observed, that the spur has a gain imbalance if 71 # g which results in a main
and image signal component. The BB spur voltage with fa = fryx — fsp after low-pass
filtering with the BB impedance zpp(t) becomes

ulé%"’ (t) = iﬁg"’ (t) * zBB

. . A.
= [K1as()ba (7051 + Koan ()01 ()i (1)e 72715 Zg, (422

which shows that the modulated spur interference has a main and image component.

A.3 Receiver Noise Floor
The thermal in-band noise floor within the CSF pass-band bandwidth for LTE10 signals
with 9.015 MHz bandwidth may be calculated by

kTB
Pip.apm = 10logy TW

1.38107%m?kgs2K~1 - 323K - 9.015 MHz
1mW

where & = 1.3810~%m?kgs 2K ! is the Boltzmann constant, 7' = 323K the temperature
in Kelvin (50°celsius), and B the bandwidth. To the thermal noise floor, the receiver

(A.23)

= 10logy = —104 dBm,
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NF which is the noise contribution of the front-end circuit components (e.g. LNA) is
added. A typical value for the NF is 5dB which results in the receiver noise floor

Pr.aBm = Pih.am + NF = —104 dBm + 5 dBm = —99 dBm. (A.24)

A.4 Scaling of Complex Baseband Signals for a Desired Power
Level, SNR and SINR

A.4.1 Complex White Gaussian Noise
To generate a zero mean complex white Gaussian noise (CWGN) sequence
z[n] = z[n| + jy[n],n =1...N
with the desired power P, at the network impedance Zj, it is necessary to derive the
variance ) . ) )
o7 = E{(2[n] — pz) (2[n] — p2)"} = E{2*[n] + y°[n]}
= E{2*[n]} + E{y*n]} ,for p. =0

of the complex valued sequence. The real and the imaginary part of z[n| have the same
power, therefore

(A.25)

E{2’n]} = E{y’[n]}

holds, and the power becomes

p _ B{GI] = pe) (2[n] — )} _ 2B {2’[n]} _ 203

" Zo Zo Zy '

Consequently, the standard deviation of the random variables « and y are given with

P70
Op =0y = 5

% Matlab code to generate a zero mean complex Gaussian distributed random ...
vector with power Pn at the impedance Z0
z = sqrt(Pn Z0/2)* (randn(1,N)+Jjxrandn(1,N));

A.4.2 Generation of an Rx Signal with Desired Power Level

It is assumed that a complex valued zero-mean discrete-time Rx signal ygﬁ [n] is already
generated in Matlab which shall be scaled for the desired power level ngdem. The
actual power level of the signal is

Rx 2
Pr. — E {‘yBZIZ{"H } (A.26)

assuming the network impedance of Zy. The desired power in linear scaling is

pdes
P = 1mW- 10" 10 (A.27)

135




A Appendix

and by solving the equation

des ! 11 Rx 2
Pr _ZN;M'CUBB[TZH (A.28)
the scaling factor
d
k= Pre (A.29)
PRX

is obtained. The resulting Rx signal with the desired power becomes

s ] = k- yB5[n). (A.30)

A.4.3 Generation of an Rx Signal with Desired SNR

The complex valued and zero-mean Rx signal which has the desired power Pry shall be
degraded by a band-limited noise signal resulting in the desired SNRgg. The SNR in
decibel is

Iy
SNRgp = 101og10%, (A.31)
n
and therefore the desired noise power is
P
des __ Rx
Pnes — 1OSNRdB/10 . (A32)

A complex valued AWGN signal v'[n] is generated and filtered by the CSF with impulse
response hg[n] to generate the band-limited noise vgg[n| = v'[n] * hg[n] with the actual
power P,,. This band-limited noise signal has to be scaled correctly with the factor k to
obtain the desired Rx SNR by solving

des ! 11 2
B, S—ZON;W'UBB[”” (A.33)
which results in
Pdes
k= t A.34
o (A.34)
The noise signal with the desired power is finally obtained with the scaling
v3[n] = k - vp[n). (A.35)

A.4.4 Generation of an Rx Signal with Desired SINR

The scaling of the zero mean complex valued interference signal may be of interest when
the interference is generated through systems with different frequency responses (e.g.
duplexer impulse responses with varying attenuation). To evaluate the performance
of the adaptive filter the interference power is normalized to the desired SINR to get
comparable results. The SINR in decibel with the interference power P, of the discrete
time interference signal ipg[n] is calculated by

Prx
SINR4p = 10log;, <prt) : (A.36)
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where

E {“BBF} (A.37)
Z

int —

When the noise power P, is chosen for a desired Rx SNR, then the interference power
for a desired SINR may be derived by

SINR4p

Pl — pp 107" 10 — P,. (A.38)
The scaling factor becomes
d
k= | Dt (A.39)
Pint

and the scaled interference signal to obtain a desired SINR is

-des

igg(n] = k- igg[n]. (A.40)

A.5 Derivative of a Channel-Select Filtered Signal

In the derivation of the IM2LMS algorithm in Section 5.4.4, the derivative of the non-
holomorphic expression s[n] = [w’ (x[n]x[n] — Rxx) W*] * hs[n] with respect to the
coefficient vector w* including the channel-select filtering appears in the cost function.
In this derivation using the Wirtinger Calculus the CSF hg[n] is assumed as an FIR filter,
and the unknown coefficient vector w which minimizes the cost function is assumed to
be deterministic and is therefore not time varying. Rewriting s[n] to

sin] = |wh (x[n]x[n] — Rxx) w* | * hs[n]
7 [n]
= h&ozT[n]w* + hstT[n — 1w+ ...+ hS7K,1zT[n - K+ 1]w*
z" [n]
z'[n — 1] i}
= [hso hs1 -+ hsr_1] : w
zl[n — K +1]
zo[n] z1[n] zp—1[n]
zo[n — 1] z1[n — 1] Zv—1[n — 1] i}
= [hs,()) hs,la Ty hs,K—l] . . . w
2on—K+1] znn—-K+1] - zy_n—K+1]

(A.41)
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where K is the length of the finite CSF impulse response, the derivative of s[n] using
the Wirtinger Calculus becomes

os 17 B
ow*|

z0[n] zo[n — 1] zo[n — K + 1] hs.0
z1[n] z1[n — 1] zi[n — K 4+ 1] hs1
| zv-1n] zp—i[n — 1] 2y—1n — K +1]| |hsx—1

[ z0[n] * hs[n]

z1[n] * hs[n] (A.42)

| zar—1[n] * hs[n]

z[n] * hg[n]

z¢[n]

(y'[n)x*[n] — RL w) * hg[n]

where the scalar FIR filter output y'[n] = x* [n]w is used. Additionally in the derivation
of the IM2RLS algorithm the reformulation

s[n] = (ZT[n]W*) * hg[n]
= (ZH[n]W) * hg[n)
= hsyozH[n]W + hs71zH[n — 1w+ hS7K,1zH[n — K+ 1w
ZH[TL] (A.43)
zfn —1]
= [hso hsa sk —1] : w
zfn — K + 1]
hs,O
hs,l
sT'n] =wl [z*[n] z*[n — 1] z*[n — K + 1]] :
hs,K—l
[ 25(n] z3[n — 1] 25[n — K + 1] hso
. Zfn] z[n —1] Zf[n — K +1] hs 1
i) Zhaln—1] s K41 [k
[ 23[n] * hs[n] (A.44)
21 [n] * hs[n]

= wlz*[n] * he[n]
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which leads to

sin] = (2" [n] * hs[n]) w (A.45)

is used.
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AAF
ADC
BB
BW
CA
CC
CSF
Cw
CWGN
DAC
DC
DCO
DFE
DL
DTC
EMSE
FDD
FIR
GPS
GSM
HR

IF
IIP2
I1IP3
IM2
IMD2
IMD3
IM3
LMS
LNA
LO
LS

List of Abbreviations

anti-aliasing-filter

analog-to-digital converter

baseband

bandwidth

carrier aggregation

component carriers

channel-select filter

continuous wave

complex white Gaussian noise
digital-to-analog converter
direct-current

digitally controlled oscillator

digital front-end

downlink

digital-to-time converter

excess mean-square-error

frequency division duplex

finite impulse response

Global Positioning System

Global System for Mobile Communications
harmonic rejection

in-phase

intermediate frequency

second-order input intercept point
third-order input intercept point
second-order intermodulation product
second-order intermodulation distortion
third-order intermodulation distortion
third-order intermodulation product
least-mean-squares

low noise amplifier

local oscillator

least-squares
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List of Abbreviations

LTE Long Term Evolution

LTE-A Long Term Evolution-Advanced
MSE mean-square-error

NF noise figure

NFC near field communication

e-NLMS normalized least-mean-squares

NMSE normalized mean-square-error
e-VSSNLMS variable step-size normalized LMS
OFDM  orthogonal frequency-division multiplexing
0O0OB out-of-band

OR output-referred

OSF oversampling factor
PA power amplifier

PCC primary component carrier
PN phase noise

PSD power spectral density
Q quadrature-phase

RB resource block

RF radio frequency

RLS recursive-least-squares
Rx receive

e-APA regularized affine-projection algorithm

SC-FDMA single-carrier frequency-division multiple access

SCC secondary component carrier

SINR signal-to-interference-plus-noise ratio
SNR signal-to-noise ratio

TDD time-division duplex

Tx transmit

TxL transmitter leakage

UMTS Universal Mobile Telecommunication System
UE user equipment

UL uplink

VSWR  voltage-standing-wave-ratio

2t two-tone

3GPP 3rd Generation Partnership Project
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